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Dear Mr. Ulsh:

This is the final report for the U.S. Army Research Office Grant DAAL 03-86-k-0090.
According to the reporting instructions (ARO Form 18, page 5) technical material which was
already reported will not be included here.

The thrust of the research under this grant has been to develop the methodology for
the modeling and design antenna arrays and microstrip discontinuities for microwave circuit
applications. I believe that certain outstanding results have been obtained during this period
and these are highlighted in what follows:

H-Y. Yang's Ph.D. thesis involves several key contributions in the subject areas of
modeling microstrip discontinuities, nmicrostrip transitions, and the synthesis of microstrip di-
pole arrays. This work has generated several journal publications within which one finds a
fundamental contribution to the understanding of the above mentioned subjects. The analysis
and the generated computer programs serve as practical tools for the design of microstrip cir-
cuits and microstrip dipole arrays. The methodology was substantiated in each case with an
experiment. The journal publication "Design of Transversely Fed EMC Microstrip Dipole Ar-
rays Including Mutual Coupling" IEEE Transactions on Antennas and Propagation, Vol. 38,
No.2, February 1990 is only one of many examples from Yang's excellent Ph.D. thesis work.
This is a seminal paper since it is the first publication where a full synthesis procedure is
developed for the design of transversely fed electromagnetically coupled dipoles. The solu-
tion is complete as it accounts for all substrate effects and mutual coupling. It demonstrates
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that mutual coupling contributes 25% of the total value of the array input active admittance
and it therefore can not be neglected. The design procedure evolved into the fabrication of a
microstrip dipole array. The experimental results show very good agreement with theory.

An evolution of Yang's work has led to the understanding of microstrip discontinuity
effects. In particular the theory has been extended to model microstrip bends, T-junctions,
four ports, etc. In each case the algorithms account for a precise description of energy loss at
discontinuities due to radiation loss and surface wave loss. These models have also been sub-
stantiated with experiment. The models are now extended to provide precise designs for mi-
crostrip corporate feeds. This will lead to the design of two dimensional transversely fed
electromagnetically coupled dipole arrays.
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Professor
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Design of Transversely Fed EMC Microstrip
Dipole Arrays Including Mutual Coupling

HUNG-YU YANG, MEMBER, IEEE, NICOLAOS G. ALEXOPOULOS, FELLOW, IEEE, PHILIPPE M. LEPELTIER, AND

GEORGE J. STERN, SENIOR MEMBER, IEEE

Absftact-Desig, techniques and procedures for microstrip dipole W2

arrays transversely fed by proximity coupled microstfip Hien are pre- .. t
co pling, are developed and the corresponding design curves are obtained L n

by a rgsrous iutegmal equation solution. A seven-element standing wave
ear y is designed lsrate the developed design procedures. The W1--- ----------------------------

design data are checked by a complete integr'al eqution solution of tbe
arrmy with good agreement. Tbe measurements of radiation pattern and "

input impedance are found in good agreement with the design goal.
microstrip
feed line

I. INTRODUCTION transverse dipole

0 LTMAN INTRODUCED a class of electromagnetically
coupled (EMC) dipole antennas [1], [2]. The advantages 0

of EMC dipoles are greater bandwidth, higher efficiency and 0

an easier match to the feed lines, when compared to classically E1 H

fed printed antennas. Based on the transmission line circuit E2 B
model, Oltman and Huebner [21 built an EMC dipole array
with radiating elements parallel (collinear) to the feedlines. Fig. i. The electromagnetically coupled transverse dipole.

Later, Elliott and Stern developed a igorous design theory to
include the effects of mutual coupling which successfully the dipole from its centered position. Because of this weakpredicted the array performance 131, [4]. An efficient way to coupling, large arrays are feasible (8].
obedcta the esign currvs asneped la [4].An basiied w o Both theoretical and experimental studies of the EMCobtain the design curves w as reported later [5]-[7] based on t a s e s i o eh v e n r p r e e e ty [ ] 1 ) nt i
solving a Pocklington type integral equation using the method transverse dipole have been reported recently [91, [101. In this
of moments. The EMC collinear dipole is ideally suited to a paper, a design technique which includes mutual coupling is
corporate feed, and elements of this type can be arranged in developed for the EMC transverse dipole arrays. Two design
circular as well as rectangular grids. equations will be introduced in Section II. The-methods for

Another dipole antenna of the Oltman type is the EMC generating design curves will be discussed in Section III. A
transverse dipole, as shown in Fig. 1, where a dipole is design example will be given in Section IV together with the

oriented transverse to an embedded microstripline. A string of experimental results. A numerical verification of the design

these dipoles above a common microstripline becomes a obtained by solving the boundary value problem of the whole

linear array. Depending on dipole spacing, one can obtain array system will also be provided.

standing wave arrays or traveling wave arrays. A family of II. Two DESIGN EQUATIONS

these linear arrays becomes a planar array. Current excitation
on the dipole is governed by the amount of offset and the For the transverse EMC dipole under consideration, it candipoe lngth Ifthedipoe sraddes ymmtriclly no be shown from image theory that the scattering off the dipoledipole length. If the dipole straddles sym m etrically, no i y m ti . I t e o d , t e f r a d a d b c w r
excitation of the dipole occurs. Weak coupling from line to scsymeri cinth r the forr an br ddipole can be achieved through a slight lateral displacement of scattering coefficients are the same. Therefore, in terms of the

transmission line equivalent circuit, the dipole can be approxi-
Manuscript received May 5, 1988; revised March 15, 1989. This work was mated as a shunt element with respect to the feed [11]. Each

supported by U.S. Army Research Office Grant DAAL03-86-K-O090. in the array environment can then be modeled as a two-
H. Y. Yang was with the Electrical Engineering Department, University of dipole

California, Los Angeles, CA. He is now with Phlraos Research and port network as shown in Fig. 2, and the whole system is a
Development, Inc.,Santa Monica, CA 90405. linear bilateral network. Therefore, one can write

N. G. Alexopoulos is with the Electrical Engineering Department,
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35043 Rennes, Cedex, France.
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IEEE Log Number 8931320. as a.set of equations connecting the transmission line mode
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V The fundamental design problem is now obvious. For a
given design goal (radiating current in each dipole IV) one

a wishes to find a set of(s., 4,) such that not only is (6) satisfied,
n but also the active admittance seen by each feed line is what

_ was prescribed. The definition of the radiating current in each

Fig. 2. Equivalent circuit of a dipole seen by the transverse microstripline. dipole may depend on the design goal. For example, if one
wishes to design a specific pattern in the H-plane (perpendicu-

voltages and currents at each reference port. The active lar to the dipole), the I' should be defined as the current
admittance of each dipole seen by the feed line can be defined collapsed in the feed line. In other words,
from (1) by

j"d I' My) dy. (8)
Y V n In the two design equations ((6) and (7)), Yn,,f, m/ Vn and

= Y,11+ Y (2) Y,, can be determined by the method of moments. This issue
will be discussed in the next section.

where Suppose that all four functions are known. Further computa-

tions are still required to find the dipole lengths and offsets.
yb ' Ymh, (3) Since only relative currents in the dipoles are meaningful, one

m-1 \V can arbitrarily choose a dipole, say the nth, with length I and

offset Sn. For the moment, assume that no mutual coupling
with the prime on 1- indicating the term n = m is excluded, exists and that the left-hand side of (6) can be determined
Yn,, is the self-admittance and Yb is referred to as the mutual according to the design goal (desired currents in the dipoles).
admittance due to the mutual coupling between each dipole. One now can use the first design equation (6) to find N-I
Since a linear system is assumed, the current in each dipole dipole lengths and offsets. This procedure requires that a two-
can be written as variable nonlinear equation be solved N-I times. To avoid the

stability and solvability problemof this nonlinear equation, the
mN (4) conjugate gradient method [12] can be used to provide

V" Vn Vn optimized solutions. Even if the above procedures are com-
pleted, a few iterations of changing the dipole length or offset

where I, is the current of the nth dipole for a given mode of the first selected dipole are required to provide the
voltage in the absence of other dipoles and 'ron is the current of prescribed input impedance. Now the design data is what one
the nth dipole due to the current in the mth dipole. The isolated should obtain if no mutual coupling exists. To include the
dipole current I is a function of mode voltage, dipole length, effect of mutual coupling, one can use the present design data
and dipole offset which can further be expressed as to compute the mutual admittance and mutual currents and go

back to the two design equations repeating the above itera-
V.1 =f_'nn (5) tions. The whole procedure is iterated until convergence of the
V. f(sn, 4) design data is found.

where fn(sn, I) is a coefficient function relating the isolated III. DiscussioN OF THE METHOD OF MOMENTS SOLUTION
dipole current to its self-admittance. In order to make an accurate design possible, information

The two design equations can be summarized from the about the interaction between dipoles as well as dipole
above derivations by coupling to the feed line is required. The method of moments

l d N N provides a rigorous and accurate solution. Integral equations
+ (6) for the EMC transverse dipole can be written as

and + E xy GyJ(')x' y ') dx' dy' (9)

YI T Ynn+ 'f- n . (7) and
m-1

It is noted that, for the EMC transverse dipole, the current E(x, y) G J y')dx'
phase variation in an isolated dipole is quite large, typically 5o + GyyJy2)(x" y') dx' dy' (10)
to 10; while, in contrast, the current due to mutual coupling
has a small phase variation. Therefore, in the design, the where J(9)(x', y') is the current in the microstripline and
coefficient function is not suitable for relating mutual current J( 2)(x', y') is the current in the dipole. The functions G ,
(I) and mutual admittance (Ym,). One can use the mutual G.x, Gyx and Gyy are the dyadic Green's function components.
current term (Ima) directly in (6). A nice way of modeling the feed line is to use a finite but long
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microuzriptine with a 5-gap generator placed far from the line- ibM

dipole coupling region [5], [6]. When the combination of -- i m

piecewise sinusoidal and Maxwell current basis functions is
used. in the method of moments [5], [6] followed by the 2

Galerkin procedure, -the matrix equations

can be obtained. The excitation colunn vector E has compo-
nents Ek = - 1 when the 5 gap source is located at the center
of the kth basis function, and E. = 0 anywhere else. The
impedance matrix elements are in the form of

Zm" J/2l ' j [(k2 _-X2)f(X)+ )Xh(X)]j nO(x., Xy) 8.3 / / . .

!.i,(X, Xy) cos (XAx) cos (XyAy) dX d4 (12)

when the mth and the nth basis functions are both on the dipole
or on the line, and

Zmn=[,z! X~xZf(X)-h(X)Iin(Zx, X,) * "

0 .

)sin (XA) sin (XyAy) dX d , (13) Fig. 3. Comparison between theoretical and experimental results for the
j(Xx, X) ssinput impedance of an EMC transverse dipole. eI = 2 .17 , 12 = 2.17, H =

1.6 mm, B = 0.8 mm, w, = I mm. w2 = 2.2 mm, Ax = 0,,As = 4.5 mm
otherwise. The functions J(Xx, Xy) and lm0Xx, Xy) are the and L = 12.4 mm.
Fourier transforms of the expansion and testing functions,
respectively. (Ux, Ay) is the displacement vector of two basis x
function centers, while Xx and Xy are defined as 9 *V Vn m

x=X Cos4 (14)-y

and lot flin

y = X sin 4. (15) Fig. 4. Equivalent circuit of two parallel dipoles seen by a transverse

The functions f(X) and h(X) are given explicitly in [13], [14]. P

The unknown currcnts in the feed line or the dipole can be particularly helpful, since one can use the dipole current
obtained by matrix inversion. As a result, one can use the directly to design for the desired excitation instead of using the
unimode transmission line theory to deduce the circuit equivalent circuit of the dipoles. This will be discussed further
information from the methou of moments solution for the in the next section. Other issues in this array design are how
current in the feed line. This procedure involves finding the the mutual coupling information can be separated from that of
current maximum, minimum, and their positions. Detailed the self-term and how this can be achieved without involving
procedures for this are shown in [5]. It is noted that in order to the whole system at the same time. In order to solve these
find the dipole equivalent admittance, the dipole can be placed problems, certain assumptions are necessary. It is assumed
a half-electrical wavelength from the line end such that the that the self-admittance and self-current to mode voltage ratio
stub admittance will not be included in the input admittance will be the same with or without the presence of other dipoles,
observed by the feed line. An example of the input impedance and that the mutual coupling between any two dipoles is
calculation for an isolated dipole together with the experimen- unaffected by the rest. These two assumptions are good if
tal verification [9] is shown in Fig. 3. In the calculation, 19 mutual coupling is not too strong [11], which is usually true
basis functions are used in the dipole and 100 basis functions for practical arrays.
are used in the feed line of 1.5 Xo long. The comparison shows A method of computing mutual coupling of dipoles individ-
rather good agreement. ually fed by a microstripline has been discussed in [7]. One of

One of the features of using a, 6 gap source is that the mode the features of the array considered here is that the dipoles are
voltage of the line changes with change of the dipole length or series fed by transverse microstriplines. The computation of
offset (load); therefore, care must be taken to find this mode mutual coupling in this case requires a different approach from
voltage, since as shown in (6), dipole current is proportional to- [7]. To find the mutual coupling information, one can consider
the mode voltage and only their ratio is useful in the design. two dipoles fed by a microstripline and follow a numerical

Another feature of using the moment method in the array method similar to that for an isolated dipole except for the
design is that thecinformation about the currents in the dipoles additional computation of dipole to dipole reaction. The
can be obtained from the numerical process. This aspect is equivalent circuit for these two dipoles is shown in Fig. 4. An
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.- Ax 4- a 10-
.2 dipole length

L 7 -- -. 6-

--- --- --- - 1 .4-
'I
u 1.2"

-50

input source 0 "

Fig. 5. A seven-element linear standing wave array. Elements are separated
by a guide wavelength. .c 0.6-

Co-
0.2 0.4

0 o.01-. -1.0 o .0 o., 1.0o .9 0.2

E Real part of the coefficient function

00- Fig. 7. Coefficient function of the dipole versus offset s and length L. s =
0.32 + 0.12(k - 1)mm, k = 1,2,3, "- 9. L -- 11.91 + 0.025 (n -

0 1)mm, n = 1,2,3,---7.ol

diptilc lcngth
c 0.2- IV. A DESIGN EXAMPLE.E_

C5= The previous discussion of the design theory applies either
.0.3- to a linear or a planar array. Here, a seven-element standing-

-0_4 wave linear array will be designed to illustrate the design

0.0 0.1 o. 0.3 0.4 oS technique. The geometry is shown in Fig. 5. A sum pattern inRel pt of sthe H-plane with a - 20 dB sidelobe level was prescribed forRealpar ofsel adittncethis array. The printed dipoles are series fed by a 50 0l
Fig. 6. Self-admittance of the dipole versus offset s and length L. s = 0.32

+ 0.12 (k - I) mm, k = 1, 2, 3, -.. 9. L = 11.91 + 0.025 (n - 1) microstripline embedded in the middle of a substrate of
mm, n = 1, 2, 3, -'- 7. thickness 62 mil and permittivity 2.35. The design frequency

is 8.5 GHz and element spacing is chosen to be one guide
asymptotic extraction technique together with point source wavelength. All dipoles have the same width of 1 mm and the
approximation has been developed in [151 to compute effi- offsets and lengths are to be found. The design curves for the
ciently and accurately the reaction of two dipoles. After the self-admittance Y,, and the coefficient function fJ, as a
matrix inversion, the solution for the current in the line and function of offset and length obtained from the method of
dipoles provides the total active admittance as well as active moments solution are shown in Figs. 6 and 7, respectively. It
currents of the dipoles. For the nth and mth dipole with is found that, for the EMC transverse dipole, many basis,
resonant spacing, the method of moments allows one to functions are required to obtain adequate convergence. To
compute the total active admittance obtain each data point, 19 expansion modes are used in each

ya = y' + ya dipole, and piecewise sinusoidal modes of size of 0.04 guide
lot n m wavelength are used in the line. It is observed from Fig. 7 that

= Y,, + Ymm :F 2 Ymn. (16) for different dipole offsets and lengths, the phase off, is not a
constant. This implies that even for resonant spacing, to have

The minus or plus signs depend on whether the dipole spacing in-phase excitation, the dipole cannot be self-resonant. To
is an odd or even integer multiple of a half-guide wavelength, obtain a perfect match, the stub length Ax in Fig. 5 can be
From (16), if the self-adi-sittance of each dipole is known, the suitably adjusted to tune out the total active susceptance.
mutual admittance can be determined. The active currents in The sampled data are used to construct the database such
the dipole Ia and Ia. can also be obtained numerically and can that for a given offset and length the function value can
be described as be obtained through a two-dimensional interpolation routine.

Iann In Mutual couplifg between two dipoles is a function of dipolev=v+v (17) lengths and offsets for a fixed spacing. It is found that mutualcoupling is not sensitive to a small change in dipole length,
and Also from the results for no mutual coupling, it is found that

In a mm m the lengths of all the dipoles are different by less than 0.2%.
=-+--. (18) Therefore, in the mutual coupling computation, the dipole

Vm Vm Ym lengths are held fixed. The mutual admittance and mutual

From (17) and (18) together with knowledge of the current current as a function of offsets for one guide wavelength
excited in an isolated dipole, the mutual current (In) can be spacing and fixed dipole length are shown in Figs. 8 and 9,
obtained, respectively. A similar procedure can be followed for a two
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5- -- Re (Y.)

0, ---- l10 (Ym) 1.1 mm

OAV 0.9Mmi0.035- 09m

0. - /0.7 mm

0.5Mmi
0.015-

o.01 -- --- - --- .. -.-Z -

o -

02 0.3 o 0 .5 o.6 0 .7 o .9 1.0 lt 12

Offset of the nth dipole (mM)

Fig. 8. Mutual admittance of two dipoles versus their offsets. Element
spacing is one guide wavelength and L = 11.98 mm.

o.05- Re (I,,.)

0.045- ---------- Im (1,V.)

004-

0.035-

0.03- 1.1 mm

0025- 0.9 mm

0.02- 0.7 mm

0.015- 0.5MM
--- --- ----------"--- :Zz--

0.005°00 I 5 l 5 l

0.2 03 04 0.5 o6 0.7 08 0!9 ,.0 .1 1.2

Offset of the nth dipole (mm)

Fig. 9. Mutual current of two dipolesversus their offsets. Element spacing
is one guide wavelength and L = 11.98 mm.

wavelength spacing, and so on. As a result, the interpolation, effects of mutual coupling. Both the desired and measured
or extrapolation method can provide the mutual coupling radiation patterns in the H-plane are shown in Fig. 12. The
information for any dipole spacing. measured pattern is found to be in good agreement with the

The design data after a few iterations, including the self- and design criteria. The asymmetry of the sidelobes is due to the
mutual admittances are shown in Table I. The element spacing fact that the array is not symmetrically located with respect to
is 23.6 mm and AXx = 9.68 mm. It is seen that the mutual the edges of the finite array and therefore space and surface
admittance is more than 25% of the total active admittance. wave diffraction at the edges contributes nonuniformly to the
Therefore, it is concluded that even at one wavelength spacing, radiation pattern. Another contributing factor may be the
the effect of mutual coupling should not be ignored. To provide limited accuracy of the photo-etching process in producing
a confident check of the design data, the method of moments is identical microstrip dipoles and highly accurate interdipole
applied to the seven-element linear array. The results of active spacing.
admittance and current in each dipole are shown in Table IT
together with the results from the synthesis technique. It is V. CONCLUSION
olerved that the current amplitudes agree within I to 2% and
the phases agree within ± 1. The admittance comparison is A synthesis method for the design of transversely fed EMC
also good. microstrip dipole arrays has been presented. By using a

The antenna array was built on a 12-in square Duroid board network representation, two design equations, which include
as shown in Fig. 10. The measured return loss from the feed the effect of mutual coupling, are developed. An iterative
line is shown in Fig. 11. The bandwidth of this array is about procedure using the conjugate gradient method has been
4.2%. At the designed resonant frequency (8.5 GHz), the applied to solve the design equations. The design curves are
measured VSWR is about 1. . The agreement between the obtained numerically by the method of moments. The method
theory and measurement confirms the importance of the of computing mutual coupling is also described. It is found that
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TABLE I
DESIGN DATA FOR A SEVEN-ELEMENT LINEAR'ARRAY

No. Offset in n Dipole Length in -in Yam YOOW-

1 0.5151 11.982 0.0536 + j 0.1040 0.014 + j 0.010

2 0.6884 12.000 0.0805 + j 0.0674 0.038 + j 0.023

3 0.8925 11.983 .0.1422 + j 0.0093 0.056 + j 0.029

4 0.9500 11.973 0.1674 - j 0.0096 0.064 + j 0.031

5 0.8925 11.983 0.1422 + j 0.0093 0.056 + j 0.029

6 0.6884 12.000 0.0805 + j 0.0674 0.038 + j 0.023

7 0.5151 11.982 0.0536 + j 0.1040 0.014 + j 0.010

Yj, =,0.996 + jO.02 (result from iterations)
Yi. = 1.000 - jO.04 (result from IES)

TABLE 11
DESIGN CHECK THROUGH AN INTEGRAL EQUATION SOLUTION

No. Desired Current IES Current

1 1.0000 < 0.0 1.0000 < 0.0

2 1.2751 < 0.0 1.2961 < -0.7

3 1.6810 < 0.0 1.6703 < -0.9

4 1.8351 < 0.0 1.8222 < 0.3

5 1.6810 < 0.0 1.6730 < -0.7

6 1.2751 < 0.0 1.2971 < -0.3

7 1.0000 < 0.0 0.9940 < 0.7

The unit of the phase of current is in degrees

511 1.9 MAB

"-6,. --

R M I PSI Ti! INi

0 0 Div

-I:
Fig. 10. A 12-in square microstrip dipole array. .30 I

8.o ZTAb, 96"W OH .9 0.0 {all|
to obtain a satisfactory design, one needs to include the mutual s ' * -HZ

admittance as well as the mutual current in the design Fig. 11. Measured return loss of the designed antenna array.

equations. The design of a seven-element standing wave linear
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Abstract housing is sometimes more common and practical

in the real circuit design. In this work, a full-wave
A rigorous procedure is used to analyze sev- moment method is used to characterize shielded mi-

eral microstrip line-to-line transitions in a shielded crostrip line-to-line transitions.
multi-layer structure. The transitions studied in-
clude edge-coupled lines, overlay-coupled lines and
coupled-to-single lines. A power conservation check
based on a rigorous Poynting vector analysis is also
used to determine the accuracy of the numerical Several different types of electromagnetically
convergence. The results of power distributions and coupled lines as shown in Figs. 1-3 are investigated.
coupling coefficients of the line-to-line transitions The methodology applied here is in analogy to that
are studied parametrically to indentify the proper- reported in [3], however, the spectral Green's func-
ties and applications of each transition. tion and the numericai procedure are very much

different. Since the line-offset and the width of mi-

Introduction crostrips in shielded structures are comparable to
the waveguide dimensions, the transverse current

component should not be neglected and complete
Proximity-coupled line-to-line transitions are dyadic Green's function of a multi-layer waveguide

important building blocks for high frequency inter- is required. The integral equation after a Galerkin's
connects. Applications in millimeter-wave integrated procedure can be converted into a set of linear equa-
circuits include high-pass filters, multiplexers and tions, when expressed in matrix form:
directional couplers. Losch (1] has designed a broad-
band highpass filter in realization of an overlay cou. j1.]('l". -r111 [11j I] - r,
pled line transition based on a quasi-static formula- 'r (Zte ( 1 4I~:]IIc'(~
tion. A more rigorous full wave analysis for coupled [Z21 1,- Z , [Z2 25 ,J (Z;: I I Ti
line filters associated with -the open structure has (1)
been discussed by Katehi [2] for an edge-coupled where each submatrix [ Z ], due to the presence of
transition and by Yang and Alexopoulos [3] for an both x and z directed currents, contains 4 subma-
overlay-coupled transition. In [3] a spectral-domain trices, for example:
approach by expanding the current in the coupled
line section with a combination of entire domain and [ (Z11I,,] [ZI Vl, 1
subdomain modes is used. This mode expansion= [Zt2sozs [Z 1,szJ (2)

machanism seems to be the most efficient and fruit-
ful by far. For the advantage of preventing unnec- trce as follows:

trices as follows:
essary interaction and radiation loss, a waveguide

'" his research was performed under U.S. Army Research Office Grant
DAAL 03-86-k-0090



2

)1 where Zj, and Z2 are the characteristic impedance14. 1-]J of feed line and parasitic coupled line respeLtively.

lin1 A frequency-dependent method of computing the
[Il s I n (4) characteristic impedance of both single and coupledL[I(,] J microstrip transmission lines describedin (4, 5] can

Each element in these submatrices represents the be used to determine the accuracy of the numeri-
reaction of different basis functions. For instance, cal results given in this work. In the present corn-
the elements of [Z12,,r,] are the reaction between putations of the transition problems, entire domain

x-directed currents of subdomain mode associated modes of 3 guided wavelength and 9 to 18 subdo-
with microstrip I and z-directed currents of subdo- main modes are used in each microstrip line. The

main mode associated with microstrip 2. These sub- convergence has been checked within 1% accuracy.
domain modes are basically either PWS functions or The power conservation is also checked with good

pulse functions. The entire domain modes are com- consistency. An example of this check is shown in
posed of the reflected mode, transmitted mode, and Table I.
incident mode which are distinguished with abbre-
viation ref, tra, and inc, respectively. The computa- Numerical Results and Discussions
tion of each element requires both infinite summa-
tion and integration in spectral domain and their

exprssins ae i thegenral ormof:From Figs. 5 - 11, the maximum coupling
occurs around ovl = 1A,. (A,, is the wavelength of

' .(aJ )( )df the odd-mode guided in the coupled line section)
_-oo J:2with a wide frequency-insensitive range. This im-

and(5) plies that the transitions are broad-band and are

very useful in many MMIC applications. Besides,
-J from Figs. 5 - 8, the coupling efficiency is better in

(6) overlay line-to-line transition than in edge coupled

where . is the spectral-domain dyadic Green's line-to-line transition. This indicates the former will

function. Superscript p identifies different entire do- be a promising element in realization of millimeter

main modes. jj,. is the Fourier transform of trans- wave high-pass filter.
verse dependence and J , Jt are Fourier transform
of longitudinal dependence with respect to subdo- Figs. 9 - 10 show the results for the case ofmain and entire domain modes, respectively, an overlay coupled-to-single microstrip transition.

It is seen that the even-mode coupling depends less
on the line-offset of parasitic coupled line, as com-

Power Conservation Check pared with single-line coupling. It is also noted that
the even-mode of coupled lines can couple energy to

For shielded microstrip transitions, the con- a centered parasitic microstrip line while the odd-

vergence of the moment method solution is very sen. mode can not. This may find applications in a phase

sitive to the type and number of expansion functions detector.

chosen. Power conservation provides a nice way of
checking the accuracy of the solution. According to The frequency response of an overlay-coupled
the configurations shown in Figs. 1.3, the incident microstrip transition is shown in Figs. 11 - 1. The
power should be equal to the summation of reflected geometrical parameters are specially designed in the
power, transmitted power and some loss coupled to coupled section where the line-width is mch largerthe multi-layered waveguide modes. With proper than the spacing between two lines. It is seen that,
waveguide dimension, the loss coupled to the waveg- in a wide frequency range, the coupling coefficient is
uide modes can be removed and the expression of almost independent of frequency. In addition, it is
power conservation can be simply written as possible to couple more than 95% of the total power

through the discontinuity. This geometry (so called

Iri2 + L ITI2  1 (7)
ze,



o l r12+-Li 0,1 j'tZgLu
2  suspended stripline) may be very useful due to these

- - atwo exce-lent characteristics.
-0.05 1.000 0.33 0.97

-0.03 1.000 0.15 0.999

.o0 1.001 0.17 .004 Conclusions

001 1.003 0.19 1.003

0.03 1.004 0.21 1.002 In this work, a full-wave analysis is proposed
0.05 1.003 0.23 1.001 to develop a generalized dynamic model for several

0.07 1.001 0.25 1.000 types of shielded microstrip line-to-line transitions.

009 1.00 0.27 1.000 The results obtained from the method of moments

0.11 0.999 0.29 0.99 are checked within 1% accuracy by power conser-

Table I. Power conservaton check for the copnjjat'im of vation. The results presented also show excellent
Fis. 2. Both Irl and I T fare the sane as those in properties in some transitions and may find promis.Figs.? miadS

igs.o Iing applications in MMIC coupler and filter design.
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The topic of this dissertation involves a dynamic modeling of frequency de-

pendent passive integrated circuit components. The first part of this disserta-

tion deals with the characterization of microwave and millimeter wave

discontinuities. The analytic approach is based on solving integral equations

with the method of moments. In the method of moments procedure, an exact

Green's function is used, which takes into account all the physical effects in-

cluding radiation, surface waves and high order mode effects. In order to

characterize the discontinuities, a numerical scheme is developed to model

coupled semi-infinite lines. This involves using both entire domain modes and

subdomain modes as the expansion functions to represent the fundamental
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propagating mode and higher order evanescent modes respectively. This type

of expansion mechanism is numerically efficient and particularly useful in

coupled line modeling.

Microstrip open-end and gap discontinuities in layered integrated circuits

are studied with emphasis on the material, radiation and surface wave effects.

The analysis is modified to study slotline short-end discontinuities in sand-

wicheo structures. The advantage of using a slot line sandwich is also dis-

cussed. With the understanding of the simplest discontinuities in microstrip

'And slotline circuits, the study is further extended to the line-to-line transition

which becomes increasingly important in monolithic circuits. Three types of

circuit transitions arc investigated: microstrip-slotline transition, proximity

coupled collinear and transverse microstrip-microstrip transition. The appli-

cations of these transitions are described and the validity of the developed

theory is verified by experiments.

The second part of this dissertation involves the study of printed circuit

antennas which are special cases of integrated circuit discontinuities. The nu-

merical method for integrated circuit discontinuities can be applied directly to

the printed circuit antenna structures. Four potential printed antenna archi-

tectures for millimeter wave monolithic phased array applications are dis-

cussed. These include a microstrip fed slot antenna, a slotline fed dipole

antenna, an EMC transverse dipole antenna and a microstrip fed slot coupled

dipole antenna. The features of each architecture are described.

Design techniques and procedures for microstrip dipole arrays transversely

fed by proximity coupled microstrip lines are also presented. Two design

xviii



equations which include the effects of mutual coupling are developed. The

corresponding design curves are obtained by a rigorous integral equation sol-

ution. A seven element standing wave linear array is designed to illustrate the

developed procedures. The data is checked by a complete integral equation

solution. of the array with excellent agreement. The antenna pattern and input

impedance are also compared with the measurement with good agreement.
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Chapter I

Introduction

I.I. Integrated Circuit Modeling

Integrated circuit structures have been used for numerous electronics ap-

plications due to the features of low cost, light weight, easy fabrication and

reproducibility [1], [2]i. The basic structure is composed of a grounded

substrate with various circuit components integrated on the air-dielectric

interface. In solid state electronics, bipolar or field effect transistors usually

require semiconductor layers on top of the substrate [3] . This type of ge-

ometry is usually referred to as a layered structure. For frequencies below I

GHz, passive components, which include signal transmission path (wire),

inductance, capacitance etc, have been well understood using lumped circuit

concepts. However, in the current state of the art, various applications require

the operating frequency of the device to go beyond the microwave wave or

millimeter wave range [4] - [7]. Microwave and millimeter wave integrated

circuits, in the current trend, have become increasingly important for both

commercial and military applications. When the operating frequency is high

enough such that the device dimension is comparable to a wavelength, the

circuit components are electromagnetically coupled (EMC) together and the

design concept needs to be completely reformulated. In the past decade, nu-

merous works have contributed to the investigation of the electromagnetic

phenomena of microwave integrated circuits (MICs) and microwave
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monolithic integrated circuits (MMICs). However, most of the published.

works are confined to the characteristics of wave guiding structures. For this

reason, many discontinuity problems are not well understood and remain to

be solved [7] - [14]. From the design point of view, with the increasing

complexity of integrated circuits, accurate computer aided design (CAD) tools

are needed to determine precisely the circuit performance. Therefore, currently

and in the near future, developing accurate and efficient CAD algorithms

should be a primary concern for the microwave society [15]. The early re-

searches on discontinuities problems were mainly based on the electrostatic

approximation due to its simplicity [16] - [18] . This approximation (or so

called quasi-static approach) is known to be valid in the frequency transition

from low frequencies to the microwave range.

A full wave spectral domain approach (SDA) for analyzing MIC disconti-

nuities was proposed in the early 1980s by Jansen [19] . Since this SDA was

originally proposed for waveguidc applications, the integrated circuits arc as-

sumed surrounded by an enclosed housing. Therefore, this approach has the

limitation that radiation and surface wave effects are not included

[20] - r23]. Besides, in order to simulate the open structure, wavcguide di-

mensions would usually be large which cause numerical convergence problems.

Therefore, it is reasonable to conclude that the SDA is good only for

waveguide discontinuity problems or for open structures with frequencies be-

low C band, where the radiation and surface wave effects are less important.

An integral equation approach (lEA) was first proposed in 1985 by Katehi

and Alexopoulos to characterize MIC and MMIC discontinuities [24] . This



approach is complete and rigorous in the sense that it simulates the physical

structure and includes all the physical effects, although the applications of this

method are still at the beginning stage [25] - [27]

The first part of this dissertation will be concerned with a rigorous exam-

ination of the method of moments solution of integral equations, in terms of

its accuracy, efficiency and applicability, to the characterization of MIC and

MMIC discontinuities. Special numerical treatises will be developed to char-

acterize a class of semi-infinite line transitions frequently encountered in inte-

grated circuits. The derivation of Green's function will be provided in Chap.

i. Microstrip open end and gap discontinuities in layered integrated circuits

will be discussed in Chap I11. Numerical techniques adopted in this disserta-

tion will also be discussed in detail in Chap. III. It will be shown in Chap. III

that the developed numerical algorithm is general enough to apply to many

related structures. The analysis developed in Chap. Ill is extended in Chap.

IV to study slotline short-end discontinuities in sandwiched structures. With

enough understanding of the simnlest discontinuities in microstrip and slotline

circuits, the analysis can be further extended to the investigation of the im-

portant subject of line-to-line transitions in integrated circuit structures. In

Chap. V a dynamic model for the microstrip-slotline transition is developed.

Two types of novel transitions are analyzed in Chap. VI, namely the EMC

collinear microstrip-microstrip transition and the EMC transverse microstrip-

microstrip transition. The potential applications of these transitions are also

described. The analysis is also confirmed by experiments.
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1.2. Printed Antenna Modeling

Integrated or printed circuit antennas (PCA) arc a natural evolution of in-

tegratcd circuit components [28], [29]. The radiating elements may consist

of dipoles, slots or patches. Since the invention of microstrip antennas back

to the early 50s [30]. extensive- researches have been carried out worldwide.

Mathematical modeling was initially proposed in the early 1970s with a trans-

mission line analogy [31], [32] . Later on, a cavity method and a quasi-static

approach were also applied to certain structures with some success

[33] - [37] . However, for frequencies above the microwave range, the

above mentioned methods will not be accurate due to their thin substrate ap-

proximation. Besides. these methods are not applicable for printed dipoles and

slots, and do not include surface wave effects. A rigorous and almost exact

dynamic analysis of PCA was first performed at UCLA in 1979 [38]. This

approach is based on solving the Pocklington type integral equation with the

method of moments. Since then, an extensive amount of work has been car-

ried out toward the efficient and accurate evaluation of this Sommerfeld-type

integral [39] - [44] . At the same time, fundamental properties of PCAs

such as gain, efficiency, bandwidth and antenna patterns have also been in-

vestigated in terms of various device parameters [45] - [55]. Fundamental

radiation characteristics of a printed slot will be discussed in Chap. VII. The

properties of a printed dipole and a printed slot are also compared in terms of

the radiation efficiency, surface wave effects and radiation resistance.

One of the crucial parts in the design of printed circuit antennas is the de-

sign of feeding structures. Microstrip lines electromagnetically coupled (EMC)
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to the radiating elements has proven to be the most versatile and convenient

,type of feed for antenna arrays [56]. Rigorous analysis of EMC collinear

dipoles has been thoroughly investigated in Katehi's and Jackson's disserta-

tions [57], [58]. In the second part of this dissertation, several new feeding

structures will be investigated by a method of moments solution of coupled

integral equations. The current trend in printed circuit antenna technology is

to develop an architecture which is completely monolithic. In Chap. VIII,

four potential architectures for millimeter monolithic phased array applications

are discussed. The features of each architecture are decribed. These four

feeding structures are a microstrip fed slot antenna, a slotline fed dipole an-

tenna, an EMC transverse dipole antenna and a microstrip fed slot coupled

dipole antenna.

The ultimate goal in the analysis of printed circuit antennas is to provide a

design technique of microstrip arrays. Looking back to the past, the only rig-

orous and complete design of microstrip arrays was published by Elliott and

Stern in 1981 [59], [60] . In Chap. IX of this dissertation, a new type of

microstrip array will be investigated. The geometry is composed of dipoles

parallel to each other fed by an EMC transverse microstripline embedded in

the substrate. The design of an antenna array requires the knowledge of each

antenna element's size and position with respect to other elements and the feed

such that the desired excitation in each antenna and therefore the desired an-

tenna pattern can be achieved. Two design equations which are closely related

to those developed by R.S. Elliott in waveguide slot array design [61] will be

discussed. The corresponding design curves will be obtained numerically

5



tlhrough a rigorous integral equation solution. In order to show how the design

technique works, a seven element standing wave linear array will be designed

to have the performance of 20 dB Dolph-Chebychcv broadside sum pattern in

the H- plane. The importance of the effects of mutual coupling will also be

addressed.
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Chapter 11

Analysis of lertzian Dipoles in a Layered Planar Geometry

In this chapter, the electromagnetic fields due to an electric Hertzian

(infinitesimally small) or a magnetic Hcrtzian dipole arc derived. These fields,

or so called Green's function must be known before the method of moments

can be applied. This Green's function for a layered planar geometry is well

known as a Sommerfeld-type solution [62]. In section 2.1, the Green's func-

tion for an electric dipole is discussed. In section 2.2, the Green's function for

a magnetic dipole will be developed.

2.1. Green's Function for an Electric Iertzian Dipole.

For the substratc-superstrate geometry under consideration, the formu-

lation of the Green's function for a dipole embedded in the superstrate (Fig.

2-1) or in the substrate (Fig. 2-2) is different and will be discussed separately.

The case l1or a dipole in the superstrate will be considered first.

(a). An Electric Hertzian Dipole in the Superstrate

The geometry shown in Fig. 2-1 contains a substrate with permittivity e,

permeability L, and thickness b, and a superstrate with permittivity e, and

permeability /12. The total thickness of the material is h. The dipole is located

at z = z, with b < :s -/ h and oriented in the & direction.
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The electromagnetic fields in each region can be characterized in terms of the

Hertz potential in the following forms:

E(  k ') + k(.7r (2.1)

and

HJi) = joei F)( V x ')) (2.2)

with i representing the region (i). From Sommerfeld's work [62], it is known

that the Hertz potential may contain only x and z components. In other words,

7ri) = r5j,'; + "z z. (2.3)

The nice feature of using the Hertz potential is that its components satisfy the

scalar wave equations, where the solution can be obtained in a straight for-

ward manner. Through the use of the Hertz potential, Maxwell's equations

can be reformulated in the form of

V 2.-(i) -J (x - xs)(y'- _ysr(zR- ). (2.4)
r i) -k JWF )() x.(24

The lateral electromagnetic fields in region i are related to the Hertz potential

through

= gix +  . n' C "-z) 25

JE()) 7t• -" )(i)

=-(--- z - + -- ), (2.6)y vy Ox cZ
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Hx J - (2.7)

CZ Ox

With the boundary conditions that Ex. Ey, Hx and HY are continuous across

each interface, and with the radiation condition at z --, 0, one is able to obtain

an exprcssion fbr the Hertz potential in the Fourier domain from eight

equations with eight unknowns. The resulting Hertz potential in each region

can be summarized as:

In region 0: I <

=() f o(A. e q(z- ) e -j (xXs) e 'jYy(y Ys) dAxdy (2.9)

and

=() 4fe' Jh()) e -Z- -) e-. -, e- Y-y,) d). x.y.(2.10)rz = f 0J-0 De(1.)Dm();,)

In region I: 0.< z < b

(= +Kf sinh q z e-J;A(x -X) e-JYyJ")YdA( dy (2.11)

and

S f ? cosh q1z" e() .,e- yyJ dy.(2.12)

In region 2: B < _ < H
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( +f0 f (00  e -j;.'(x xs) e-j.',- .s) dXdV.) (2.13)
f- 00 -00 e.

and

f 0= _ De(1')Dj,), )
joo r- 00 j2J()

The functions f().) and h,()) are shown in Appendix A. Other parameters are

defined as follows:

De)) = qnq + q b cosh q(h - b)
i jn2qlq 

(2.15)
+ q"(2 - + 'nhqb sinh q2(h - b)it itlq 2 tanh ql b

and

) -itIqnf + qjyl tanh qlb) cosh q(h - b)

n~qlq tanh ql/ (2.16)
(q2n + .) sinh q2(h - b)

/'2q2

where

= 'x + , (2.17)

q = \A 2 (2.18)

q IV/)2 _ k (2.19)

q2 = k, (2.20)
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k0 = (0."1o, (2.21)

kI = ko,11-9l (2.22)

k = ko . (2.23)

Il I  = \I./1 1, (2.24)

n2 = '2(2.25)

and

47, 4C= -)hO. (2.26)

(b). An Electric Hertzian Dipole in the Substrate.

When the dipole is embedded in the substrate, as shown in Fig. 2-2, the

electromagnetic fields will be different from the case when the dipole is in the

superstrate, although the analytic procedure is very much the same. The

dipole in this case is located at z = z, with 0 _< z, < b and oriented in the 

direction. The electromagnetic fields in each region can be characterized in

terms of the Hertz potential given in Eqs. 2.1 and 2.2 which satisfy the

equation

7S- i i) + k..) = I .((x xs)60,- yI)(zT- s (2.27)

The lateral electromagnetic fields in region i are related to the Hertz potential

through Eqs. 2.10-2.13. With the same boundary conditions as the case for

12



a dipole in the superstrate, the Hertz potential in each region can be summa-

rized as:'

In region 0: h<

7 = 01 Jo ) e -J(z - h e-;X(X -X,) eIjYC - Y)dA d). (2.28)

and

7E CI{O CO -q1f-e - "( X- X,) ej'Y s -~~d2xd2,. (2.29)

In region 1: 0 z 1b

f 4J' 0 f, e00 VKfk. -e-)YS e1Ax d{) y (2.30)

and

7t()= 17J 01.)D1);. cosh qjz e-~xx xS e~j;YG'Js)Ad)y. (2.31)

In region 2:1 b :E: z hi

7 Sy 'c I - S~ e 'Y' Y's) d~xd). (2.32)

and

002 f 0e 1j X-xS)e~Y~Sd _j (2.33)

w~here
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4rjweo O.  (2.34)

The functions f',() and h',2) are shown in Appendix B. Other parameters are

found in Eqs. 2.15-2.26.

2.2. Green's Function for a Nagnetic Hertzian Dipole.

Slots in planar layered structures are also considered in this dissertation.

The problem is formulated for the case where slots in a ground plane are

sandwiched by two layers on both sides of the ground plane. From the

Stratton-Chu solution of Maxwell's equations [611, one is able to see that the

tangential electric fields in the boundary can be viewed as sources which gen-

crate electromagpetic fields inside the region of interest. These fictitious

sources, usually called magnetic currents, when placed in Maxwell's equations

are dual to electric currents. Maxwell's curl equations, with only magnetic

current sources are

V x E = JI, - j opH (2.35)

and

V x H = jw. FE. (2.36)

These two equations are constructed for the reason of mathematical conven-

ience. The procedure of interchanging sources and boundary conditions is, in

fact, well known in the realm of partial differential equations [64]. For the

geometry under consideration, one can argue that the electromagnetic fields

above the ground plane are due to magnetic currents (physically they are

14



electric fields) at a slot position infinitesimally close to the ground plane. The

same arguments arc valid for the space below the ground plane. In this situ-

ation, the ground plane is in effect closed without any apertures. Therefore,

in the formulation of electromagnetic fields in a half space (either above or

below the ground plane). the electromagnetic fields on the other side are irrel-

evant. The nice feature of this is that in the Green's function formulation, one

can consider the geometry above or below the ground plane sequentially.

However. if the malgnetic currents in the slots are to be determined instead of

being known beforehand, the fields in the whole space will be related through

an additional boundary condition across the slots. This additional boundary

condition will lead to an integral equation which can be solved by the method

of moments.

The Green's function for a magnetic Hertzian dipole is obtained by solving

Maxwell's equations with magnetic currents replaced by a delta source ori-

ented in the . direction. Since the source is known, only the half space as

shown in Fig. 2-3 needs to be considered. Due to geometric symmetry, the

formulation for the other half space is the same. The electromagnetic fields in

each region can be characterized in terms of the Hertz potential in the follow-

ing forms:

= k 2 + V (Virl,,') (2.37)

and

E(i) -J I1iIlO( V x i) (2.38)
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where i represents the region (i) and

S(i) A (i) A39)
Im =..L. X + tmZ.

Through the use of the Hertz potential, Maxwell's equations can be reformu-

lated in the form of

-i I'm =x)N O, - ys)6(z)x (2.40)

The lateral electromagnetic fields in region i are related to the Hertz potential

throu,,h

H9- k0 (7 (2.41)

"(i 4tn + (2.42)y Oax Oz

and

E -i) =  -pep 0J( a nx )"  (2.44)

y z Ox

Eq. 2.40 can be solved subject to the boundary conditions at each interface and

z -. oo . The resulting Hertz potentials in each region are:

In region 0: h < z
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(0) _n______j x -C)ejy(' J',,,.d

f~ f: e ~ O -; x -~ e J*(

and J xy (.)

7r~0  AnO e in 0  -q(z-zhLYn__ D.A), ) e e P.(x- x') edy;Y YJ's)d x~x (2.46)

In region 1: 0 5 z n b

(1) = I__._ D,42l?"))-;xxs jYYJsddy (2.47)

and

= 0c fc.'0 j2'.JzI(A) sin h q I~ z*(.8

In rcgion 2: b <5 Z ! h

(2) 4-0 0 ftn-4(A) -pp -x) j71 =' -g--L eiJ_ J, Y.1) eA dAy (2.49)

r(2) 1 C.0ro jl*)Jzi PI) e -j;.Xx ) e -;YG Ys) dAdc 2.0

where

Yn= 4ni(JwP 1/10. (2.51)

Thc fu nct ions fmP()) a nd h,,,() can be found in Appendix C. Othcr parameters

arc detincd in Eqs. 2.15-2.26.
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Chapter'lll

MIC Discontinuities I -

Microstrip Open-end and Gap Discontinuities

in a Two-layer Configuration

3.1. Introduction

Microstrip open-end and gap discontinuities are useful in the design of

matching stubs and coupled filters. In recent years, layered integrated struc-

tures have found various applications in MIC and printed circuit antennas,

especially for monolithic applications. Therefore, design data for open-end

and gap discontinuities in layered structures would be useful. In this ch-apter,

microstrip open-end and gap discontinuities in a substrate-superstrate config-

uration (Fig. 3-1 and 3-2) will be considered. The characterization of these

discontinuities for a single layer has been performed quite extensively in the

past. Quasi-static analysis based on solving Poisson's equation has been ap-

plied for low frequency applications [16]- [18], [65] . For higher fre-

quencies, models based on rigorous dynamic analysis are required. A

spectral-domain approach [19], [22] has been used to characterize the dis-

continuity problems with an enclosed waveguide housing. A dynamic method

based on soling integral equations by the method of moments has recently

been applied to the modeling of microstrip open-end and gap discontinuities

for a single layer case [24], [25]. This analysis takes into account all the

physical effects including radiation, surface waves and dominant as well as

higher order mode coupling. In [24], a finite but long microstrip line with a
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5 gap source is used, which typically requires many basis functions and is nu-

merically inefficient. In [251, a more efficient method, using a combination

of the entire domain modes and subdomain modes, is used. However, from the

discussion presented in [25], it seems that the method does not provide reli-

able results for the capacitance calculation. In this chapter, a revised analysis

of [25] together with a detailed discussion of the convergence of the solutions

is presented. Since, for the rest of this dissertation, the methodology a.dopted

here will be repeated. the analysis will be discussed in extensive detail in this

chapter.

A crucial step (and difficult) is choosing the proper basis functions to pro-

vide efficient and accurate numerical computation. In the present problem,

modeling of semi-infinite lines is required. A combination of semi-infinite

traveling wave modes and local subdomain modes is fruitful and can be mod-

ified easily to adapt to different geometries. The traveling wave modc corre-

sponds to the fundamental guided wave mode of the microstrip line. The local

subdomain modes are used in the vicinity of the discontinuity region to take

into account the higher order mode effects. For the transverse dependence of

the expansion functions, it is possible that with sufficiently high frequencies,

the simple Maxwellian or pulse function used in [241, [251 may not be a good

approximation when the dominant mode is not TEM-like. Therefore in this

analysis, the transverse dependence of the longitudinal current is obtained by

a two dimensional infinite line analysis where three modified cosine-

Maxwellian functions are used. The characterization of an open-end disconti-

nuity is through the open-end capacitance which is mainly due to the fringing
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electric fields [17]. When radiation and surface wave losses are considered,

a conductance should also be included in the equivalent circuit model. The

gap discontinuity can be modeled as a n network with two capacitances (see

Figs. 3-3 and 3-4). The loss mechanism can also be included by adding two

conductances in Fig. 3-3. The material effects of layered structures on the ra-

diation and surface wave loss, and the fringing fields at the discontinuities will

also be discussed.

3.2. The Method of Moments and Matrix Formulation

The transverse current has been found in the past to be a few orders of

magnitude smaller than the longitudinal current for a strip width < O.1A 0 and

is neglected for simplicity [8]. Under such circumstances, the integral

equation for the open end case can be simplified in terms of the longitudinal

electric field on the microstrip:

I0 %) /1
Ex(x, y, z) f0 f' G (x, y, zIx 5 .y., zs) Jx(xs, Ys) dyd cs  (3.1)

oo -w/2

where E, is the electric field due to the current at z = z, The Green's func-

tion G,, is the value of E, on the (x, y) of microstrip due to an .X directed delta

source at (x.sy,). This Green's function has been described in Chap. 1H. In

the method of moment procedure, the unknown current distribution is ex-

panded in terms of a set of known functions. An efficient way is to use a

semi-infinite traveling wave mode to represent the fundamental guide wave

mode of the microstrip line and to use subdomain modes
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(piecewise sinusoidal modes) to describe the current behavior in the vicinity of

the discontinuities. Since the microstrip open end is a special case of the gap

discontinuity, the formulation in the following will be for the gap case. The

open-end case will be discussed later. The current in the microstrip gap shown

in Fig. 3-4 can be expanded as

Jx(x. y) = J(x) Jib) (3.2)

with

fix) = e- 'iknrx - eikmx + > Inlf(x) for x < 0, (3.3)
n= 1

N
f(x) = T e-jk"(x-S) + I in2 g,x) for x > s, (3.4)

and

= 7( + a, cos(=-,") + a- cos(-T--y)gjy) I Itt , (3.5)
riw\ ; - (2y/w)"

where F is the reflecton coefficient from the discontinuity and T is the wave

amplitude of the transmitted wave. The layout of the expansion modes is

shown in Fig. 3-5. The parameters kin, a0, a, and a2 are obtained through an

infinite line analysis, which involves solving a characteristic equation in a ma-

trix form [66] . The piecewise sinusoidal modes (PWS) are defined as

sin kel(dI - Ix + nd 1)
fnX)= for Ix + ndjj <d i , (3.6)

sin keld2
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and

sin keld, - Ix - nd! - s[)
gn(x) = for Ix - nd - si < d, (3.7)

sin keld 1

where d, is half length of the PWS mode. The choice of kej can be quite ar-

bitrary.

When the expansion functions are used in Eq. 3.1, followed by Galerkin's

procedure [63], integral equations are converted into a set of linear equations.

These 2N + 2 equations when expressed in matrix form are

Z~ef]I t~[0I eez,] [Zteac] linc FL -~ •C [• l .,i/= L.[ ] (3.8)
L[Z,.ac,][ze.,,] [zse ] [z,., e] L _ IlnC] -

The matrix elements in each submatrix can be expressed in the following

form after some tedious algcbraic manipulations:

[ZsUf ] is an (N + I) x N matrix with matrix elements

,,i = f Tp, A,. F y) A "(Ax) cos[ ).x(n - n)d I ] d x dAj., (3.9)

[Z,,q.] is an (N + i) x I column vector with elements

n= Gx..(Aix) i'( x).41()x)e j nd f 'I dxdt, (3.10)

[Zee,,g] is an (A+ I) x N matrix with matrix elements
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-,ct= ___ ,-.,-(tx A..) F (2y) A (3,..1.
-00 -0.(. 0

cos[..,.(nd, + md, - s)] d.x ,

[Z,,,,] is an (N + 1) x I column vector with elements

z,!aci = j_. _ f ...4(., 'ky) F (Ay.) Pl( .) Ai(2x)12
f 00 

(3.1

cos[A.x(nd 1 - s)] d2x d,,

[i,,j is an (N + 1) x I column vector with elements

li,,'q = Gx (x, Ay) F'k(o.) Ql(Ax) A F(") e~fdi'x dA.xd1y , (3.12)
_00 0

[I,,] is an (N+ I) x I column vector with elements

I6,2= J o.,(.,. ))) F OA~y) Q1O. ).A i(Ax) (.3
(3.13)

cos['.(Izd - s)] lA.x d;.y,

where

• 1 (x) = 2ke, (cosked cosAxd) (3.14)

(A - kl 2

LFo(T",y=+Z 2 + oT)y- kn)], (3.15)
k=0)
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+j. j O .,'

= [e 2km + j] sin km.' dx, (3.16)
2A 

f-00

QI(2x) = [e 2k, - j]f sin k,,lx c1 '"dx (3.17)

and

o kf( sin(k',1x.)eJT~x/x = kin
sn7,. m ,+ -[(.x - km,) - 5(,x + k,n)]. (3.18)
S_ km  2

The function G, is the Fourier transform of the Green's function. From Eqs.

3.9-3.13. one can see that this Green's function will play an important role in

the numerical computations.

3.3. Numerical Techniques

Eqs. 3.9-3.13 indicate two types of integrations. One is related to the PWS

and PWS modes reaction while the other is related to the traveling wave and

the PWS modes reaction. The case of the PWS and PWS modes interaction

will be considered first. Eq. 3.9. after being transformed into polar coordi-

nates, can be written as

4J = f f.,x()x. .)7) Fi(y) AT()x) cos[).x(m - nzflj] A dAdk (3.19)

where

G4k.D).O. )) f k -X).) +D(/)D ),  • gAO)1, (3.20)
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)x = A cos4, (3.21)

Ax = A sin . (3.22)

The functions and g, can be obtained from the Green's function discussed in

Chapter II.

Eq. 3.19 involves a double integration. For the finite integral, a 32 points

Gauss quadrature formula is used [571. For the infinite integral, special nu-

merical methods arc required. One can break the infinite integration range

into two parts (0, A) and (A, oo) such that in the first section the integrand

contains singularities or derivative singularities, while for the second section

the integrand is well behaved but slowly convergent. The choice of A is quite

flexible, but it should satisfy A > max (k,, k,). The first integral contains sur-

face wave poles whenever Dj(.) or D,,,(2) become zero. If a pole extraction

technique is applied [39] in addition to the residue and Cauchy Principal

value, four sections of integrations are required due to the derivative

singularities at A = ko, k, and k2. Another way to perform the integration

from 0 to A is to deform the contour off the real axis and apply the Cauchy

Riemartn theorem such that the integrand is well behaved [67]. This method

is particularly useful in a multi-layered structure, since it is not required to

know the pole position and the integration has no singularities. Both of the

above mentioned methods have been used and a negligible difference has been

observed.

The second integration from A to oo is the so-called tail integration. For

an asymptotic approximation, it is convenient to choose A such that
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tanh 2b I 1 and tanh 2t I 1, for A' > A. If one studies the asymptotic behav-

ior of the Green's function GX.; 2 ,. ).Y) (omitting the term outside the bracket

of Eq. 3.20), one can find that as -- co, G. converges slowly when the test-

ing and observation points are on the same plane (same z) and decays expo-

nentially otherwise. This is because the Green's function contains a singularity

in the space domain due to the delta source and converges slowly in the

Fourier domain. The dominant and first order asymptotic behavior of G,. can

be summarized by the following:

Case (a): z= z=h=(b+t)

G.()x . y) + O( 23 ) (3.23)

(I + 82) k2..
where s," 2 andq = 2 k)

Case (b): b < z = z < Ih

(k .r - ).. .'
G 2().x ,  (k. CIf 2 + (c2 e '(z-h) (3.24)

where E,/ = 12 and t, = /.2 - k2

Case (c): z =z = b

(kz g.) c3 -c4A
G(Xke ;.Y) 2ff- +" .) (3.25)

x ) 2ef3e 3
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( + '),2
where s4 T = -) andqe = \/).kf.

Case (d): b < z=z < h

2 .

(keff- x.(b-z)
Gxx .) _ + O(c4 e.(J) (3.26)

2 &effqe

where Ef- = e, and q, = / ) 2 - k)

It can be seen that the dominant term of the Green's function is in the same

form for all four cases, which, when transformed back to real space is Ex due
A

to a delta current in the x direction in a homogeneous space with an effective

dielectric constant sf.. The dominant term of the integral will be computed

separately. This formulation will be discussed in Appendix D. It is seen that

the first order term left in Eqs. 3.23-3.26 will enable the integrand in Eq. 3.19

to converge either exponentially or in the order I/A3 and can be integrated nu-

merically in a straightlorward way. It has been shown in Appendix D that if

kel in the PWS modes is chosen to be the same as keff, the computations are

greatly simplified. Therefore, throughout this dissertation, PWS expansion

modes are chosen in this way.

The other type of integration is related to the PWS modes and traveling

wave mode reaction. When Eq. 3.18 is inserted in Eq. 3.10, with suitable re-

arrangements, one has

Ztsf= .- 2k- 2k, + ) 'xAl(Ax)S(Ax)1A x  (3.27)
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where

S(),x)= f Gx.(A;x, 2)Fl(Ayd).y. (3.28)
-00

At a first look, it seems that Eq. 3.27 contains poles at . = ± k_ which may

causc trouble in the numerical integration. However, as mentioned before,

k ,, is obtained by an infinite line analysis where the characteristic equation is

5(;,) = 0. Therefore, one would have S(k,,) = 0 and the singularities in Eq.

3.27 turn out to be removable. The integration in Eq. 3.27 after being trans-

formed into polar coordinates may be expressed as

Ztself = Z'1(nd1 - ) + j Z(nd) (3.29)
2km

where

./2)  -'4 "(A ) 4km
Zakndj) f) f. F).,) -cos ).xndl.

0.J)Fl().) A '() 2 kn  . (3.30)

A dAdo

It is obvious from Eqs. 3.19 and 3.30 that the integral in Eq. 3.30 can be

computed numerically in the same manner as the one occurring in Eq. 3.19

except for the tail integration. This difference is due to the fact that the trav-

cling wave mode is semi-infinitely long so the technique used for Eq. 3.19 can

not be applied. In other words, if the integration is transformed back to real

space, the integration over the half-infinite microstrip line will cause other nu-

merical convergence problems. However, due to the use of entire domain base

functions, the integration in Eq. 3.30 usually converges better than the one in
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Eq. 3.19 because the integrand contains the Fourier transform of the entire

domain mode which decreases quickly away from the point where ).' is equal

to the phase constant kmn. Further details in the asymptotic analysis of Eq.

3.27 by using branch-cut integration is shown in Appendix E.

Although the above discussion is for the microstrip gap case, the open-end

case is also included. From the submatrices [Zse¢],[Ztsei. and [Ili,,] in Eq.

3.8, the information of an open-end microstrip line can be obtained.

3.4. Results

Usually MIC discontinuitics are characterized by their equivalent circuits.

Therefore. in order that the characterizion be meaningful, all the disturbances

of the current should die out quickly as one moves away from the discontinu-

ity. In microstrip structures, any discontinuity will generate radiating and

surface wax es. These waves will also propagate along with the microstrip line

fundamental mode. Therefore, when radiating or surface waves are strong

enough such that their interactions with the microstrip guided mode become

noticeable. the computed equivalent circuits will not be accurate. This implies

that, for this case, if one tries to measure the equivalent circuits, the results

will be different at different reference planes.

The equivalent circuit of a microstrip open end is computed from the re-

flection coefficient which is obtained directly from the matrix inversion of Eq.

3-8. The convergence of the results depends on the size of the expansion

functions and the region where subdomain modes arc used (see Fig. 3-5). An

example of a convergence check for the open-end conductance and capacitance
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for the number of modes used in a fixed subdomain mode region is shown in

Figs. 3-6 and 3-7. The subdomain region is chosen as 10 times the substrate

thickness. It is found that with only two modes a convergent result for the

conductance calculation has already occurred. However, the convergence of

the capacitance value is very slow with respect to the number of expansion

modes. The region where the subdomain modes are used is less important.

An example of this convergence check is shown in Fig. 3-8 where the basis

function size is fixed. It is found that the results are almost unchanged in a

wide range. Physically, this means that the higher order modes generated by

the discontinuity have already died out in the testing region. The above con-

vergence tests are for the case that the radiating and surface-waves are weakly

excited. It is found that the results do not converge at all when the surface

waes and radiation loss are strong, due to their interaction with the microstrip

fundamental mode. For a circuit to be useful, radiation and surface wave loss

should be as small as possible. With a careful convergence study, it is found

that, within the useful frequency range, typically, 19 piecewise sinusoidal

modes of size 0.06 guided wavelength (0.6 guided wavelength in total) can

provide results within a few percent accuracy. The validity of the current

analysis is further checked with the quasi-static method at low frequencies.

Fig. 3-9 shows the comparison between this analysis and the quasi-static

method for a single layer case. The substrate thickness is I% of a free space

wavelength which is thin enough to insure the accuracy of the quasi-static

method. The comparison yields very good agreement.
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Energy loss due to radiation and surface waves at a microstrip open end is

shown in Fig. 3-10 with and without a cover layer. The microstrip line in this

case is embedded between the substrate and the superstrate. It is found that

with the presence of the cover layer, the loss increases with the increase of the

superstrate dielectric constant due to stronger radiation and surface waves.

The length extension (or capacitance) at the open end due to the fringing field

for the same geometry as that in Fig. 3-10 is shown in Fig. 3-1. It is found,

by adding a cover layer, the excess length to substrate thickness ratio (or end

capacitance) is larger due to a stronger fringing field. In general, the excess

length increases with the increase of effective dielectric constant and is insen-

sitive to frequency except when the surface waves arc strong. The excess

length values for microstrip in a composite substrate are shown in Fig. 3-12.

Two different material arrangements were investigated which include the case

of a large permittivity on the top with a lower one on the bottom and the case

of the other way around. It is found that the excess length value for the first

case is significantly larger than the second one. This implies that, when the

microstrip line is on the larger dielectric constant material, the fringing electric

field is stronger.

For the gap case, after a matrix inversion in Eq. 3-8 is performed, the re-

flection coefficients r and transmission coefficient T are S,, and S, 2 respec-

tively. Therefore, the admittance matrix of the gap discontinuities can be

obtained by the following transformation

[Y] ([UL]- [S])([U] + [S]r, (3.31)
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where [U] is the unitary matrix. By comparing the two-port ir network and

Fig. 3-3. one has

I= l- 1 I2 (3.32)
" Go

and

G x + j w CGo +1 2 (3.33)

The results for the gap discontinuity are first compared with those obtained

by the quasi-static method [181 and those obtained by measurements [68]

and are shown in Fig. 3-13. Since the gap capacitance is small and is sensitive

to the device tolerances, the measurement is inherently difficult to perform

accurately. In this analysis, the frequency is chosen to be 5 GHz. It is found

that this dynamic model agrees well with the quasi-static approach. Some

discrepancies for large gap spacing may be due to the fact that, in such cases,

the amount of energy coupled through the gap is comparable to the energy

losses due to surface waves and radiation, and this aspect is not included in the

quasi-static approach. The gap conductances Gp and Gg arc shown in Fig.

3-14 for the same material arrangements as those shown in Fig. 3-10. It is

found that the cover layer (superstrate) will increase conductance due to

stronger fringing field and more energy losses. Also since Gp + jwCO repres-

ents the input admittance when a perfect magnetic wall is in the middle of the

gap, it is expe'ed that, due to image cancellation, G, will be much larger than

Gp. As shown in Fig. 3-14, Gg is about two orders larger than Gp. For a

36



narrower gap. C. will be larger than CP due to stronger end coupling. How-

ever for wide gap spacing. the input admittance seen from either side of the

gap is mainly the open-end admittance, so Cp will be larger than C.. The re-

sults for the microstrip gap on top of the superstratc are shown in Fig. 3-15.

It is found that C./nw is more frequency dependent than CP/1V, when the

dispersion is strong.
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Chapter IV

MIC Discontinuities II-

Slot Line Short-end Discontinuities

4.1 Introduction

Slot line was first proposed by Cohn in 1968 [69] as a waveguiding struc-

ture for MIC applications. The basic structure consists of a narrow slot in a

conductive coating )n one side of a substrate, the other side of.the substrate

being interfaced with air. The geometry of a slot line is shown in Fig. 4-1.

In order that electromagnetic waves be confined in the vicinity of the slot, the

permittivity of the substrate is usually high (> 10). This slot line structure has

been used in filters, couplers and circuits containing semiconductor devices

[70- [ 13]. Since the electric field of the guide wave is approximately trans-

verse to the wave propagation direction, the fundamental mode is TE-like.

There is no cut-off frequency for this structure, since the slot separates two

semi-infinite ground planes. Slot lines can also be included in microstrip cir-

cuits by etching the slot circuits in the ground plane. With the slot and

microstrip combinations, many circuits have been realized; for example, hybrid

branchline directional couplers [71] and microstrip bandstop filters [16].

Other discontinuities, such as the microstrip-slot transition for a two-level cir-

cuit design, and resonant slots for antenna applications, will be discussed in

Chaps. V and VII respectively. The characteristics of a slot line including its

propagation constant and characteristic impedance have been studied exten-

sively [71] - [74]; however, analytic methods for slot line discontinuities are

43



scarce, especially in terms of including the radiation and surface waves effects.

This slot line short-end discontinuity, as shown in Fig. 4-2, is the most com-

monly seen discontinuity in slot line circuits [74]. It can be used in the design

of matching networks, filters and couplers. Since the current will flow near the

end of the slotline, there is an apprecialble amount of energy storage beyond

the termination. The end discontinuity will cause radiation and generates

surface waves. Without the image cancellation, energy storage and losses are

more severe than in the microstrip line case, and this end effect has to be ac-

counted for in accurate circuit designs.

In slot line structures, the larger the effective dielectric constant, the more

the energy is confined to the vicinity of the slot. If the other side of the ground

plane is covered by a dielectric material (instead of being free space), the ef-

fective dielectric constant of the slot line will increase. This offers the advan-

tages of shorter wavelength, greater confinement of electromagnetic fields, and

stronger coupling between slot line circuits [ 16]. The geometry of a short-end

slot line sandwich is shown in Fig. 4-3. The comparison of the end effects in-

cluding fringing, radiation and surface waves between a slot line and a slot line

sandwich will be provided in this chapter.

The analysis of slotline discontinuities is almost a one-to-one correspond-

ence with microstrip discontinuities. The numerical methods discussed in the

pre\ ;ous chapter can be modified and applied to the slot line structure.
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4.2. Integral Equation

Since the one layer slot line is the case of the slot line sandwich with

&2 = 1, only the analysis for the latter case will be discussed. For the short-

end slot line under consideration, an integral equation can be formulated in

terms of a transverse electric field in the slender slot, viz.,

H1(x y,z-O + ) =G j.. f G j(x, v ) Eylxs , Y (xs, Y) dysdxs, (4.1)

and

H(x. y,z = 0-) = ) fW2 GI b(x" ylxs'Ys) Ey,(xs'ys) dysd xs (4.2)

with

Hx(x.y, z = 0+) - Hx(x'y, z = 0-) = 0 (4.3)

on the slot line. where Hx is the magnetic field due to the electric field on the

slot line. The Green's function Gia can be found from Eqs. 2.47 and 2.48 of

Chap. 11, while Gib due to symmetry is equal to Gia except the sign and mate-

rial parameters. Integral equation in Eq. 4.3 can be solved by the method of

moments. This procedure is the same as that for the open-end microstrip line.

4.3. Results

From Schelkunoff's equivalence principle, the electric field in the slot is

equivalent to the magnetic source in the ground plane. From image theory

[61], the magnetic source and its image have the same magnitude and phase.

On the other hand, in the microstrip structure, the electric current and its im-
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age are ISO, difference in phase. Therefore. the slot line circuits tend to radiate

more energy than microstrip circuits. An example of radiation and surface

wave losses at a slot line short-end in terms of total incident power versus fre-

quency for three different slot widths is shown in Fig. 4-4. It is seen that the

energy losses increase with the increase of slot line width or frequency. This

is because, by increasing the frequency or slot width, less energy is confined

near the slot. The above discussion also explains the result in Fig. 4-5 where

it is shown that the normalized reactance due to fringing increases with the

increase of slot width or frequency. It is seen from Fig. 4-4 that, for the

substrate with el = 12, when the substrate thickness is about 0.06Ao, more

than 25"', of the incident power is lost at the short end for all the three slot

widths. Fig. 4-4 provides an idea of the upper frequency where a slot line

circuit is still useful. It is also observed that even for a thin substrate thickness

(0.012), the radiation and surface wave losses are 5 to 10 % of the total inci-

dent power. This is one of the main disadvantages of this one-sided slotline

structure.

By adding a cover layer on the frec-space side of the slot line, the guide

wavelength will decrease and more energy will be confined near the slot region.

This implies that the characteristic impedance will decrease. The result is, that

with a unit voltage wave incident to the slot line, the total incident power

will increase quite noticeably (typically, 5 to 10 %). On the other hand,
2Z'

for a unit v'oltage wave, the radiation and surface wave losses at the short end

increase only slightly when a layer is added. Therefore, it is expected that the

amount of the energy loss at the discontinuities can be reduced by using a slot
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line sandwich. An example of this result is shown in Fig. 4-6. It is seen that

the radiation and surface wave losses are greatly reduced. It is also seen from

Fig. 4-7 that, by using the slot line sandwich, the fringing fields and normal-

ized reactance increase due to the higher effective dielectric constant and to

more energy being confined near the slot line. This implies that the coupling

between slot line circuits is enhanced.
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Chapter V

A Dynamic Model for a Microstrip-Slotline Transition

5.1 Introduction

Based on the approach described in the Chap. III, a dynamic model for a

microstrip-slotline transition and its related structures (such as a microstrip fed

slot and a slotline fed printed dipole) is proposed in this chapter. The de\'el-

oped model, with some modifications, can be applied to other types of transi-

tions in MIC and MMIC design. Some of these examples will be discussed in

the next chapter.

In a microstrip-slotline transition, a short-circuit slotline which is etched on

one side of the substrate is crossed at a right angle by an open-circuit micro-

strip on the opposite side. This type of trinsition makes a two-level circuit

design possible [16]. Some experimental work has been reported [13], [75]

and a transmission line circuit model has been described in [76]. In the

present approach, the radiation and surface waves due to the cross-junction,

the line discontinuities, and all the mutual coupling due to the dominant mode

as well as higher order modes of each line arc included in the method of mo-

ments solution. The VSWR and input impedance of the transition, can be

determined by the current distribution on the microstripline in conjunction

with transmission line theory. In the formulation procedure, certain impor-

tant problems in MIC, MMIC or printed antennas design can also be solved.

This aspect will be discussed in Chapter VIII.
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5.2. Theory

(5.2.1) Green's Function Formulation.

The microstrip to slotline transition is shown in Fig. 5-1 and the cross sec-

tion is shown in Fig. 5-2. where the lines are extended a certain distance be-

yond the cross-junction, so that their extension may act as a tuning stub. Due

to the assumption that the strip or slot is slender, the transverse vector com-

ponents (Jy and Mmx) on the lines arc a second order effect, and are neglected

for simplicity. Therefore, only the .Z-directed electric surface current Jx on the

strip and the $-directed magnetic surface current .,y (.Y-directed electric field

Ex) are considered. Under the above assumptions, the coupled integral

equations can be formulated in terms of Ex and Hy. As a result, the electric

E at (x. y, d) due to the presence of both strip and slit is

Ex = f f G ,. .1 dtsrn + f f G Mmj dIs5  (5.1)

and the difference of the magnetic field Hy at (x, y, 0+) and at (x, y, 0-) is

A HY =ffG3 1 ., J s, (Ii +d y IIl -S3, (5.2)

A

where GA, and Gy., are the dyadic Green's function components due to an x -

directed infinitesimal electric dipole at z=d and Gy and Gyy are the dyadic

Green's function components due to a A - directed infinitesimal magnetic

dipole at z=0. Jx is the current on the microstrip sm while imy is the magnetic

current (electric field) on the slotline s,
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The dvadic Green's, function components G,, G., G and can be deriv'ed

from Eqs. 2.13-2.14 and 2.47-2.48. The results can be expressed as

Gxx(x, Ylx 0, YO) = fxfxQ(2, ).,) e fi..x - x0 e i'~y -y, (5.3)

-00 -00

G I(x Ix0 y0-) = Gxx vlx0, y0) (5.5)

and

Gj~3.(x. yjx0, y(,) f $0 f G00~ 2)eyYx- etY-(.6
100 00

where

___ A_ 2 1,( r)sn l;7) k-2 + X~1( rsn 1  sinh qIjd, (5.7)
4,7' k E Dp() DeG.) D,(A) J

r 2

G~1.(A. 2~. q + '~(Er - I)sinh(qjd)(s8

G____ +k 0  (5.8)'XDT4;2 e())D, A) qJ')

and with

De(A) = q sinh(qld,? + q, cosh(q~el), (5.10)
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Dn0") = ql sinh(qld) + eq cosh(qld). (5.11)

Other pertinent parameters have been defined in Chap. 11.

(5.2.2) The Choice of Expansion Modes.

In the method of moments procedure, J, and Mflmy are expanded in terms

of a set of known functions. For the transition under consideration, the mod-

cling of two half infinite lines is necessary, in which several mechanisms are

possible. If subsectional expansion modes arc used in the two finite lines with

a 6 gap source, in order to characterize the cross- junction of this resonator,

two sets of wave amplitudes on each line corresponding to two different length

of the parasitic line, are required. This scattering matrix formulation has been

found to be very sensitive to error. A more reliable method is to simulate the

physical situation where both the microstripline and the slotline are terminated

by a matched load. In this scheme, subsection expansion modes are used in

both lines near the cross-junction region, while entire domain travelling waves

are used to represent the transmitted wave in the parasitic line (slotline) and

the incident wave and the reflected wave on the feed line (microstripline).

Other choices of expansion modes are also possible, such as using subsectional

basis functions in the feed line and subsectional modes and traveling wave

modes in the parasitic line, or the traveling wave modes starting away from the

cross-junction such that the mutual coupling of traveling wave and PWS

modes on different lines is negligible. These types of expansion modes have
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some advantages in numerical analysis and will be discussed in the next sec-

tion.

The traveling wave modes used involve microstripline and slotlinc propa-

gation constants k,, and k. From the knowledge of km and k,, the unknown

current distribution on the microstripline can be expanded as

A'
= I rnc + ef + Z lf(x) (5.12)

while the unknown electric field distribution in the slotline can be expanded

,is

g~v) = '+ E,,gr(X) (5.13)

where

Iic  e -AIkx, (5.14)

/ ' = - F ejkmx (5.15)

and

VI = Te j . (5.16)

Piecewise sinusoidal (PWS) modes are used as subsectional expansion modes

and are defined starting from the end of each line. These modes were shown

in Eqs. 3.6 and 3.7.
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(5.2.3) The Method of Moments and Matrix Formulation

The coupled integral equations can be obtained from Eqs. 5.1 and 5.2 by

forcing the boundary conditions that the E- field must be zero on the

microstripline and the H- field must be continuous across the slotline. When

when the expansion modes are substituted into Eqs. 5.1 and 5.2 followed by

Galerkin's procedure, one has

[Zse f] [Z tscii [T eac][Tineac i] ,[ir] (5.17)

[ cmaci] [TILemart] [Y'se4A [D'tse4A T -1 L'lira]j

where the submatrices are the reaction between different expansion modes,

[I] is an N x I column vector with elements 1, 12, ........ , Iv, and [E] is an

Ai x I column vector with elements E,, E2 ....... , .

(5.2.4) Some Aspects of the Numerical Analysis.

The formulation in the last section is quite flexible and can be easily modi-

fied to other types of mode expansion mechanisms. For example, the traveling

wave modes may start more than a wavelength away from the cross-junction,

which modifies the Fourier transform of the traveling wave mode in the above

formulation. This type of expansion has the advantage that the mutual cou-

pling between traveling wave modes and PWS modes of the other line (

[Ttemac t] and [ T,,ca,]) is negligible. Therefore, the computation effort in Eqs.

5.17 can be reduced. Besides, the solutions are automatically convergent in

the sense of the number of expansion modes. Another type of expansion is also

possible where only PWS modes are used in the feed line. This has the ad-
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vantage of providing some insight into the current distribution on the feed line

and of avoiding the computations of the submatrices [ Ytseor] and [i T,,,,] in

Eq. 5.17. The above different mode expansion mechanisms may also be used

to check the convergencc and stability of the solution.

5.3. Numerical results

The results for a microstrip-slotline transition have been obtained based on

the developed algorithm. The numerical analysis was performed on the IBM

3090 system. Typically, for each data set it takes about one minute and thirty

seconds of computer time in contrast to a half second to obtain the propa-

gation constant kin, although a lot of effort has been made to reduce the com-

puter cost. An example of a 50 fl microstripline to a 80 fl slotline transition

is given. The results of the VSWR and input impedance arc shown in Figs.

5-3 and 5-4 respectively. The results for the VSWR are first checked by

interchanging the feed line and parasitic line. The differences in In arc within

2%, which is consistent with the property of low loss two port networks. The

complex reflection coefficient that is obtained is checked further by changing

the number of modes and different mode expansion mechanisms as described

in the last section. Two sets of input impedances with different numbers of

expansion modes and base function size are shown in Fig. 5-4 to illustrate a

convergence test example. With the particular device parameters chosen it is

found that both the magnitude and phase of the reflection coefficient converge

very well (2 % in IFI and 50 in phase ) for d < 0.036). However, for higher

frequencies, the results are more unstable, and typically the results are 5-10
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% accurate in 1I- and 10-15 degrees in phase before higher order modes turn

on. This behavior may be due to the reasons that 1), when the radiated and

surface waves are not weakly excited, the transmission line theory applied to

the microstripline or slotline is only an approximation and the mode expansion

approach. is somewhat of a brute force. 2), the transverse vector components

(J, and My) which are neglected in the present investigation become more im-

portant as frequency increases. The VSWR obtained by the transmission line

circuit model [76] and the measurement [75] are also shown in Fig. 5-3 to

provide a comparison. In the transmission line circuit model the stub length

is assumed to be measured from the center of each line and the propagation

constants km and ks and the excess length are obtained from the current anal-

ysis. It is seen from Figs. 5-3 and 5-4 that the present method agrees very well

with the circuit model in the low frequency range. The discrepancy for higher

frequencies is probably due to the higher order modes, surface waves, and ra-

diation effects which are neglected in the circuit model. The measurements

reported in [75] show a wider bandwidth than that of cithdr the circuit model

or the present analysis. It is believed that the accuracy of the device param-

eters, the non-ideal matched load and (especially), the coaxial to microstripline

transition affected the frequency-dependent results in the measurement. Be-

sides, the material used in [75] is Custom HiK 707-20 (c, = 20) which is

usually very lossy especially for higher frequencies. These effects may explain

the discrepancy between theory and experiment.
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Chapter VI

J

Proximity Coupled Microstrip Transition

in Double Layer Integrated Circuits.

6.1. Introduction

Analytic and numerical methods described in the previous chapter are ex-

tended here to study two types of proximity coupled open end microstriplines

in a double layer planar structure. These proximity coupled transitions con-

stitute potentially important components for MIC and MMIC design. Fig. 6-1

shows two semi-infinite collinear microstriplines at different levels. This type

of transition has the advantage over the end coupled lines in that the overlap

distance lot may be used to control the coupling. Also this transition provides

a wider range of coupling coefficient with a reasonably large bandwidth and

it therefore is useful in coupler or filter design. Fig. 6-2 shows two EMC

transverse microstriplines. In this type of transition, an open-circuit

microstripline printed on top of the superstrate is crossed at a right angle by

another open-circuit microstripline embedded on the substrate. These two

lines are extended a certain distance beyond the cross-junction to provide

tuning stubs. This type of transition has the properties of broadband and good

match due to the presence of the double stub. The materials in the substrate-

superstrate configuration may greatly affect the coupling in the transition and

this issue has also been investigated. In Section 6.2, the method of moments

solution of integral equations is formulated. In Section III, the results
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from the numerical ,analysis are presented and some interesting properties of

the above-mentioned transitions arc discussed.

6.2. Analysis

(6.2.1). EMC collinear microstriplines.

Integral equations for EMC collinear microstriplines are

E(i)= G s. , (6.1)

j= I

where EV) is the electric field at microstrip i, i = I or 2. Here microstrip 1 is

at z = b while microstrip 2 is at z = h. The Green's function Gu is E, at (x,

y) of microstrip i due to an .* directed delta source at (x,,y) of microstrip j.

This Green's function has been derived in Chap. 1I and can be expressed as

G% = _.f D Af2x, jy) eJ '  e-fiY- Ys) dkxdy (6.2)

where

k2 - ^2. a "

D[2) = -JZ 2 +)4 (6.3)4n2klE De(A) + DeA)Dt,4) g  "

The function f~j and g~i can be identified from the Green's function described

in the Chap. II. Other parameters are defined in Eqs. 2.20-2.31. When the

expansion modes (similar to those in Chaps. IIl and V) are used in Eq. 6.1,

followed by Galcrkin's procedure in the same way as described in the last
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chapter, integral equations are converted into a set of linear equations. These

M + N +2 equations when expressed in matrix form arc

LZse~j zsIj Zeac2 eac2 rL I L
[Zeaci,][Zcac,,] [ZLeYf] [Ziseif] [i= [(6

,The computation of each matrix element in Eq. 6.4 requires a double infi-

nite integration where the integrand contains the corresponding Green's func-

tion DJX, ;Y) and the Fourier transform of the current expansion functions.

For example [Zea,,,] is an (N + I) x M matrix with matrix elements

Zeeac =T I D 14)., L,)Fj(A,) F1(Ay) A I(Ax) A(Ax)
CCC2 -CIO _ (6.5)

cos[),x(nd I + nd 2 - 1o1)] dAx dAy,

where I I is the microstrip overlap length, and all other parameters in Eq. 6.5

has been described in Chap. Ill.

(6.2.2). EMC transverse microstriplines.

The analysis of EMC transverse microstriplines is "almost one to one in

correspondence to the collincar case. In matrix formulation, if local coordi-

nates are used, it can be easily shown that the self reaction in each microstrip

is identical for the collinear and transverse cases. To be more specific, the in-

tegral equations for the transverse microstriplines are

,E(I)= 9 f GxxJ(ds, + J f GxyJ()2 ds (6.6)
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and

E(2 ) = JJG.{)d+ fJG Y..4J)d2  (6.7)

where E1) and E2 are the longitudinal electric fields at microstrip I (at z -

b) and microstrip 2 (at z = h), respectively. The function G, equals to G,,,

while GYY is the same as G22 except A,, and )y are interchanged in D 22. Other

Green's functions arc

I., = f ' f ' .,).) e-j Ix- x5) e-j".'- Ys) dAxdy (6.8)
-00 -00

and

Gj.X = qVy (6.9)

where

,)= -Jo - vl0) + Al ,)] (6.10)

The mode expansion mechanism and the method of moments procedure follow

in the same manner as for the collinear case. The final matrix is in exactly the

same form as Eq. 6.4. The submatrices [ZU], [Z)se ] with i = 1 or 2 and

[li.] are identical for the collincar and transverse cases. All other subma-

trices can be obtained in a similar way as for the longitudinal coupling case.

For example,
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f. = - J.J4; A,.) F(Ax) F1(Ay) A I(Ax) .4 )( .
-00 0

sin[A ndj - 1m)] sin[).Apndn - /;,,2)] dAx dAj.,

where [Ze,c,] is an(M + 1) x N matrix, The parameters 1, and 1m2 are the

stub length for microstrips I and 2 respectively. Sine function in Eq. 6.11 in-

stead of a cosine in Eq. 6.5 is because the Green's function in Eq. 6.11 is an

odd function of either A. or Ay..

6.3. Results

Although the impedance matrix in Eq. 6.4 looks formidable, the computa-

tion can be simplified further based on some physical insight. For example,

the Green's function and basis functions are the-same in each submatrix except

for a translation in reaction center. Therefore in the numerical process, these

common factors need to be computed only once. Also due to reciprocity, only

a fraction of the impedance elements need to be computed. In the computa-

tions for the transition problem, entire domain modes of three and a half

guided wavelength long and eight to thirteen PWS modes (depending on the

overlap or stub length) are used in -each microstripline. The convergence has

been checked for S,, (r), to within 3% in magnitude and 30 in phase. The

magnitude of the reflection coefficients is shown in Fig. 6-3 as a function of

overlap for the collincar transition with three types of material arrangements.

The corresponding microstrip width is chosen such that the microstrip lines

have a 50 0 characteristic impedance. For the case of a large dielectric con-

stant material in the substrate and a smaller one in the superstrate, since en-
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ergy is molly confined in the substrate, less power is transmitted than that of

-other types of material arrangements. This behavior is observed in Fig. 6-3.

From these two figures, one can see that the coupling coefficient depends on

the 'amount of energy of an embedded microstrip -stored in the superstrate.

The relationship between overlap length and power distribution observed in

Fig. 6-3 is not obvious. It can be explained empirically as follows. The

amount of current induced in the parasitic line is mainly due to the longitudi-

nal electric field generated by the open end feed line. This current varies

sinusoidallv and decreases as the observation point moves further away from

the open end. Therefore, as the two microstrips arc brought closer, increased

coupling occurs, As the coupling gets stronger, the electric field due to the

parasitic line will interact with the feed line field. Since these two

microstriplines have different fundamental modes, as the overlap increases

further, the coupling starts to decrease due to wave destructive interference.

It is interesting to see that with a particular overlap length, very little coupling

occurs. This behavior is found to be related to the superstrate thickness and

dielectric constant. It is also observed that as the overlap gets larger, the re-

flection becomes smaller. This implies that in such a case, the guided funda-

mental mode is more like the coupled line mode. It is further found from Fig.

6-3, that in a certain region where coupling reaches a local maximum, the

scattering matrix is insensitive to overlap length. Since the line impedance and

effective dielectric constant are also frequency insensitive, in this microstrip

transition, only the effective overlap length will be frequency sensitive. This

implies that this transition is broadband. An example is shown in Fig. 6-4.
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One can see that the scattering parameters change no more than 3% in mag-

nitude for this particular X band computation.

For the transverse microstrip transition, the mat&ial also has a strong effect

on the coupling mechanism, as shown in Figs. 6-5 and 6-6. The coupling be-

tween two transverse microstrips is further complicated by the presence of the

two tuning stubs. The effect of these two stubs is very much different from

those in the microstrip-slotline transition where optimum coupling occurs when

both stubs are about a quarter wavelength long. For the transverse microstrip

transition, the coupling is minimum when either stub is about a quarter

wavelength and is maximum when both stubs arc a half wavelength long.

This phenomenon is due to the fact that the parasitic line, from a circuit point

of view. is a shunt element to the feed line, and vice versa. Therefore, when

both stubs are a half wavelength long, the circuit (looking from the cross

junction) is in rcsonancc, while when either stub is about a quarter wavelength

long. the circuit is in effect shorted. For the parameters in Fig. 6-5, the guide

wavelength for each microstrip is approximated as AmI = 0.547A0 and

4,2 = 0.507V. , while in Fig. 6-6, the guide wavelength is A,, = 0.321AO for

microstrip I and ),2 = 0.360A0 for microstrip 2. In Fig. 6-5, maximum cou-

pling occurs when both stubs l, and 4m2 are about a half guide wavelength

long. In this particular case, one can see that the VSWR of this transition can

be as small as 1.1. Therefore, this transition can be potentially useful in a two

level circuit design.

To verify the analysis, a 3 inch by 3 inch circuit was built and tested for the

case of a transverse microstrip transition. Duroid materials with permittivity
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2.2 and 10.2 were the substrate and thesuperstrate respectively. The dimen-

sions of the device were chosen to be the same as those in Fig. 6-5 except that

stub lengths of about a half guide wavelength were used (0.75 cm and 0.81 cm,

for the top and bottom microstrip respectively). The circuit was made using

a standard photo-etching technique and was measured on an HP-8510 net-

work analyzer. Both computed and measured results for VSWR are shown in

Fig. 6-7. The comparison shows good agreement. The ripple observed in the

measurement may be due to an imperfect match at the coaxial-microstrip

transitions. One can observe that the VSWR is less than 1.8 from 7 to 11

6Hz. Such a broadband transition would be very useful in circuit design.

This broadband property is mainly attributed to the double resonance due to

the presence of double stubs. In this investigation, 50 0 microstrip lines were

used. The impedance level will affect coupling in the transition. Therefore, the

results presented here may not be optimal. The choice of the impedance level

may depend upon the purpose of the circuit desigri.
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Chapter VII

Printed Slot Characteristics

7.1. Introduction

The printed slot antenna is a radiating element within the category of inte-

grated circuit antennas. The basic structure consists of a grounded substrate

with a slot etched in the ground plane. The geometry is shown in Fig. 7-1.

This printed slot structure has the features of producing bidirectional radiation

patterns and offering an additional degree of freedom when combined with

microstrip dipoles or patches [79] . The combination of printed slots and

dipoles also enables the realization of circularly polarized radiation patterns

[55]. In this chapter, some characteristics of printed slot antennas, such as

efficiency, power distribution in each region. and the effects of materials are

studied. In Section I!, Green's function of an infinitesimally small magnetic

dipole in the ground plane is used to study the material effects on the radiated

power in either side of the ground plane and the surface wave power in the

substrate. In Section II1, substrate effects on the resonant length and the input

admittance of a ccnter-fed printed slot are investigated through a method of

moments solution of a magnetic-type integral equation.

7.2. Substrate Effects on Printed Slot Properties

The slot antenna geometry under consideration is shown in Fig. 7-2. The

problem consists in its simplest forms of an .4- directed infinitesimal magnetic

dipole skintight against the ground plane. The electromagnetic fields of this
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Figure 7-1. A basic printed slot structure.
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I magnetic dipole

ground plane

Figure 7-2. A Hertzien magnetic dipole In the ground plane.
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geometry follow from the derivation of the Green function presented in Chap.

II and can be described in term of a Sommerfeld-type [62] integral.

The radiating and surface waves of interest here arc the electromagnetic

waves in the far zone, where radiating fields arc spherical waves with

R = 2 + z2 -o, and w\'here surface waves are cylindrical waves with

p -- 0o. The radiating fields canbe obtained by the method of steepest descent

[80]: while the surface waves can be found by applying the Residue and

Cauchy Riemann theorems [80]. The final results for the far zone radiating

fields can be summarized as

E0= jW/~)osin cos~k 2t e-koR (7.1)

k D,,(k() sin 0)R'

-jkoR

EO = -jCo o COS Ok0 A(k0 sin O) e R ' (7.2)R '

2 22n 2  2(I - nI) sinh q1b
AI(A = k0 sin 0) = cos Oko.-- Dn() De() (7.3)

HO = 1 (7.4)

and

HOEq (7.5)
114, = 120n (

The radiating power above the substratc P, is
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P j-/2 Eo I + J

a f 240r R sin 0 dOdo. (7.6)

The 0 integration is carried out analytically while 6 is computed numerically.

It can be shown by reciprocity that each surface wave mode propagates in-

dependently '[49]. The surface wave modes propagate along the dielectric

surface and decay exponentially toward free space. For the TM surface wave

modes (transverse to z), the total surface wave power P. is the sum of the

surface wave power in region 0, (PT. to) and in region 1, (Pr.T,) where

PT1O ='j " Dn ) ) q2 (7.7)

irwk 1) ________ IP [ k ~). 2sinh(2q~b) b1
E I 1' I 4qI (7.8)

. D') 42

and

h = ql cosh qib + tiq sinh q1b. (7.9)

For the TE surface wave modes, the total surface wave power PTE is the sum

of surface wave power in region 0, (Pnvo), and in region I, (PTEI), where

n 2 U * 2,(I -n )sinhqh 12 I
= 2 ATE D,)_') 2 (7.10)

and
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P*Fl = 0 k2 zbT sinh(2qb)
qTR q 14)'j.) 2 - 4q, 7.1

The total surface wavc power, P,., is the sum of PT,%, and PTE. The power in

the frec-space side of the ground plane, Pb can be obtained from the expression

in Eq. 7.3 as a special case

4

Pb = 12'0 •  (7.12)
45

For printed slot antennas, it is important to know how the radiated powers

on either side of the ground plane, and the power losses due to surface waves

are affected by the substrate thickness, permittivity and/or permeability. The

radiation efficiency in the upper half of the ground plane (z > 0) is defined as

the ratio of radiated power to total power, i.e

Pa (7.13)

Pa + Ps.w.

The powers P,, Pb and P.,as a function of the substrate thickness with

El = 4 and i, = I are shown in Fig. 7-3, where each power component has

been normalized to Pb. It is seen that, as substrate thickness increases from

zero, both P, and P,.., increase. The radiated power reaches a maximum when

the first TE surface wave mode turns on. When the substratc thickness in-

creases further, both Pa and P,.. decrease until the next surface wave mode

nearly turns on. The local maximum of radiated power is due to the fact that

when a surface wave mode turns on, there is a considerable amount of power
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radiatirig along the horizon [53]. The oscillatory behavior of the surface wave

variation with substrate thickness can be explained in terms of ray optics

[57] and is mainly due to the constructive and destructive interference of

wavefronts when rays bounce back and forth inside the substrate. In Fig. 7-4,

the power distribution versus substrate thickness for e, = 12.5 and Y1 = I is

shown. By comparing Fig. 7-3 and Fig. 7-4, one can see that, for a larger

substrate permittivity, higher order surface wave modes turn on at smaller

substrate thickness. It is also observed that materials with larger permittivity

can support more surface wave power and allow more radiation. The results

show that even though both radiated and surface wave power in the region

z > 0 increase with the increase of substrate permittivity, the increase of the

surface wave power is more marked. The power distribution versus substrate

thickness for a magnetic material c = I and M, = 4 is shown in Fig. 7-5. 'It

is observed that for a magnetic substrate Pb is greater than P,. Generally

speaking, in printed slot structures, more power radiates in the substrate side

of the ground plane (Pa) than that in the free space side (Pb), when the

substrate is a dielectric; while the reverse is true for a magnetic material. It

is also observed that the surface wave power for magnetic materials, in con-

trast to dielectric materials, increases even after the first TE surface wave

mode turns on. The radiation efficiency versus substrate thickness is shown in

Fig. 7-6. For a magnetic material, with a small substrate thickness, surface

wa'e power increases and radiated power decreases with the increase of

substrate thickness. Therefore, it is seen from Fig. 7-6 that efficiency decreases

drastically versus substratethickness for a thin substrate of magnetic material.
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For i1 = 4. t = i, less than 20% efficiency is observed when the substrate

thickness is-only 0.1 ;0 .

7.3. A Center-fed Printed Slot

A printed slot, center-fed by an ideal 6-gap source, is considered in this

section. The geometry is shown in Fig. 7-7. A method of moments solution

of integral equation is used here to study the characteristics of a slender rec-

tangular slot. The procedure described in Chap. V for the slot can be used to

obtain the following linear simultaneous equations:

[Y]"[VI] = U-]. (7.14)

where II 1 '2 ..... I' V are the amplitudes of the expansion functions. Sup.

pose that an odd N is used, then for a center-fed slot,

/(.N+1)/2 = - I (7.15)

afnd Ik = 0 for k # (N + 1)12. The matrix clcments Y,, can be formulated as

.- 2 ... n)..d)(.X6,,,V f f ,).x. ;.) J6(Ay,/..). i(Ax) e d y (7,16)

where

2 2 2
GqA)) 2 [) + D(-e) + q (7.17)

f).)= cosh q1b + ti-L-"sinh q1
b . (7.18)
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Figure 7-7. A center-ted printed slot.
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and AI(2 ) is the Fourier transform of the PWS expansion mode. The method

of computing Eq. 7.16 has been discussed in the previous chapters. The input

admittance is defined as

!= G + J B (7.19)

Based on the above analysis, the input admittance of a center-fed slot is

examined as a function of various structure parameters. In Fig. 7-8, the input

admittance versus slot length is shown with two different material

permittivities. It is observed from Fig. 7-8 that when the permittivity in-

creases. the slot resonant length decreases and resonant resistance increases.

The center-fed slot bandwidth (BW) can be defined [46] as

I 2GrBWl"= 7Lr  dB "(7.20)
Lr I

It is found from Fig. 7-8 that with b = 0.022o and w = 0.0oIA , when r; in-

creases from 2.2 to 5.0, the bandwidth (BW) decreases from 21.5% to 13.2%.

The input admittance versus slot length with two different substraXe thickness

is shown in Fig. 7-9. It is observed that increase of the substrate thickness

decreases the resonant length, the resonant resistance and the bandwidth. The

effect of slot width on the input admittance is shown in Fig. 7-10. It is found

that the increase of slot width causes the slot resonant length and resonant re-

sistance to decrease and the bandwidth to increase.

87



zG

12"2.

- 11

I(1 - -" ,- - = 2.0

o .o

S 6(1

b .0 Ind u .0.00.11.

U 41)

2()
.11i - ,-* .

V 0 s .10 - -

-20----

-311 -,. .

.1 (I5 0.6 l3 I.X (1.9 IM.1

Slt leni h o

ligi01e 7-. Input atill:ince (if i ccetcr-fcl rrilllctl slot 'ers.Us slot Icntlh.

2.2 0- u  w -- 10 .1

88,-j 0 1 ->,

-2(1 - --- "

II-I (1.5 (1.( 0,7 0.8 0 Ll  l

I ipitre 7-9. Ipti ad11it luuic of ,' ¢cen~Jter ri 11~cd ,slot ierst1, ,Iol Icngi.Ith

r I- 2.2 told it - lln).

88



'Va

130- . w = 0.001

I WI -- w=0.1OO0

90G

710

S50o

C 30

S. -

.... . . .. .. ..... . .. .. ... . .... . . . . .......

-30"

-50

-70,
0.4 0.5 0.6 0.7 0.8 0.9 1.0

Slot length

Figure 7-10. Input admittance of a center-fed printed slot versus slot length.

= 2.2 and b = 0. 1X.

89



Chapter VIII

Printed Antenna Feeding Structures

8.1. Introduction

The design of feeding structures is one of the most important parts in the

design of printed circuit antennas. Since the geometry of printed circuit an-

tennas involves grounded substrates, the design of feeding networks usually

requires integrated circuit technology. For monolithic phased array applica-

tions, the transition from feeding networks to radiating elements is the key to

the success of the design. Classical feeds of printed circuit antennas contain

either a microstrip transmission line in physical contact with the radiating ele-

ments or a coaxial line penetrating through the ground plane [81], [28]. In

the former case, feed and antenna together form a resonator. Due to the high

Q of this type of resonator, the bandwidth is very narrow. Undesired spurious

radiation at the microstrip-antenna junction may also be a serious problem.

The probe fed microstrip antenna is not suitable for millimeter wave or

monolithic applications mainly due to the presence of the probe.

To overcome the disadvantages of classical feeds, a new feed-antenna ar-

rangement using electromagnetic coupling (EMC) has been proposed

[81], [56]. In this type of structure, there is no physical connection between

feed lines and radiating elements. The microstrip line can be very close tothe

ground plane to reduce spurious radiation and the antenna is away for the

ground plane to increase the bandwidth. GaAs substrate (t, = 12.8) is very

suitable for active devices, but its dielectric constant is too high for radiating
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elements when efficiencv and bandwidth are considered. EMC antenna

structures are excellent for these monolithic phased array applications, where

active devices can be printed on a GaAs substrate and antennas on a low

permittivity superstrate. The architectures using EMC antennas in layered

configurations seem to be the ultimate choice for monolithic phased arrays.

The EMC collinear dipole has been extensively studied in the past few years

[59]. [60], [42], [43] . In this chapter, four EMC antenna feeding struc-

tures are discussed. These include a microstrip fed slot, a slotline fed dipole,

an EMC transverse dipole and a microstrip fed slot coupled dipole. These

structures have the common feature that a string of the antenna element above

a common feed line becomes a linear array. The analyses discussed in Chaps.

V and VI may also be used to study the printed circuit antenna structures.

The features of the four feeding structures together with numerical results will

be discussed in Sections 8.2-8.5.

8.2. A Microstrip Fed Slot

The radiation characteristics of a printed slot antenna were discussed in the

last chapter. The features of the slot antenna as compared to the strip dipoles

arc that it is broadband and gives bidirectional radiation. A simple way to

design its feeding structure is to use a microstrip line electromagnetically cou-

pled to the transvcrsc slot, as shown in Fig. 8-1. The analysis of this structure

has been reported using an equivalent circuit model [82] , a waveguide model

[83], and via reciprocity [84]. However up to now there are no rigorous re-

sults available. In this section, a rigorous result based on solving an exact
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integral equation by the method of moments is presented. The equivalent

circuit of a slender rcctangular slot perpendicular to the microstrip is a series

element. In order to understand the property of the slot, the equivalent circuit

as a function of various device parameters should be investigated. The nor-

maliz7.d equivalent resistance and reactance as a function of slot length are

shown in Figs. 8-2 and 8-3 respectively, for two different substrate dielectric

constants. It is observed that for a fixed substrate thickness, the resonant

length (ecreases and maximum coupling (resonant resistance) increases with

the increase of the substrate permittivity. These phenomena are due to the

fact that the increase of substrate permittivity will decrease the effective

substrate thickness (effective distance between microstrip and slot) and de-

crease the effectivc length of the structure; as a result, the resonant length de-

creases and maximum coupling increases. It is also seen that for smaller

substrate permittivity, the equivalent circuit is less sensitive to the change of

the structure parameters.

Fig. 8-4 shows the Smith chart plot of the equivalent impedance of the slot

as a function of offset (6) for three different slot lengths. The offset 6 is de-

fined as the distance between the center of the slot and the center of the

microstrip line. It is observed that the coupling between the slot and the

microstrip line decreases monotonically as offset increases. It is interesting to

see that, for small offset, the impedance is insensitive to the offset change.

This implies that the alignment between the slot and the microstrip line is less

critical than for EMC dipoles [60], where the offset control is very important

to the accuracy of a design.
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The input impedance of a stub-tuned slot obtained from information above

the reflection coefficient in the microstrip line is shown in Fig. 8-5 as a func-

tion of frequency. It is seen that the bandwidth is mainly determined by the

tuning stub since the resistance is quite insensitive to the frequency. There-

fore, to increase the bandwidth, the stub length should be chosen such that at

the resonant frequency the change of stub impedance with frequency is as

small as possible. Another way to increase bandwidth is to control the device

parameters such that resonance occurs even without the tuning stub. Fig. 8-5

shows a typical example for this design where the bandwidth is 6% with a stub

length - 0.02A,,. The bandwidth will also increase if the slot width is enlarged.

8.3. A Slot Line Fed Dipole

A new feeding structure for printed dipole antennas is shown in Fig. 8-6,

where a slot line is etched in the ground plane, and excites a printed dipole

through proximity coupling. In order that the slot line be an effective

waveguiding structure, the suhstrate permittivity should be large (> 10) to

confine energy along the slot. The equivalent circuit of the dipole seen by the

slot line is a shunt element. An example of this result as a function of dipole

length with GaAs substrate (e, = 12.8) is shown in Fig. 8-7. It is observed

that the admittance changes more quickly with antenna length than for printed

slots. The equivalent admittance of a dipole as a function of frequecy is shown

in Fig. 8-8 for a substrate with t, = 12. It is observed that the admittance

changes drastically for a small change of frequency. This antenna structure is

inherently narrow band. Another problem is that the efficiency of the antenna
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is small for a large substrate permittivity. To overcome these disadvantages,

dipoles can be printed in a low pcrmittivity substrate and at the same time a

high permittivity substrate can be used on the other side of the ground plane

to confine energy near the slot line. This type of slot line sandwich structure

has been discussed in Chap. IV. Another advantage of this structure is that,

for monolithic applications, active devices can be made on a GaAs substrate

and isolated from the antenna elements by a ground plane. This type of ar-

chitecture can reduce spurious radiation due to active devices. An example of

the results of the equivalent admittance of a dipole in a two-side slot line

structure is shown in Fig. 8-9. The results are for the case when the dipole is

printed on the substrate with e = 2.54, while the other substrate is e2 = 12.,

From the results in Figs. 8-8 and 8-9, it is seen that bandwidth is indeed im-

proved by using a slotline sandwich. It should also be mentioned that the ra-

diation and surface wave losses due to the feedline may also be reduced by

using a slot line sandwich.

8.4. An EMC Transverse Dipole

A dipole that is electromagnetically coupled to microstrip, but oriented

transverse to the microstrip, as shown in Fig. 8-10, is one of the printed an-

tenna feeding structures proposed by Oltman [56]. One of the features of this

EMC transverse dipole is the light coupling between the dipole and the

microstrip line. Therefore, it is fairly well suited for radiating element in large

antenna array. A theorcical and experimental investigation of this EMC

transverse dipole has been reported in [77].
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In the next chapter, array designs of this antenna architecture will be dis-

cussed. In order to check the analysis of this work, the result of the present

analysis is compared against the experimental results presented in [771. The

comparison is shown in Fig. 8-11. It is found that the agreement is quite

satisfactory.

8.5. A Microstrip Fed Slot Coupled Dipole

A common problem for the antenna architectures discussed in the last few

sections is that the feed line and radiating elements are on the same side of the

ground plane, and spurious radiation due to the transmission line can not be

eliminated completely. In millimeter wave applications, feed line radiation

may cause severe cross polarization. A nice way to alleviate this difficulty is

to use a two-sided structure, as shown in Fig. 8-12, where any radiation due

to the feeding network and active devices is isolated from the antenna by a

ground plane [851, [86]. The dipole is actually fed by a secondary source,

namely a slot in the ground plane. This type of aperture-coupled antenna

architecture seems to be a promising candidatc in millimeter wave monolithic

phased array applications. Since the combination of a slot and a dipole pro-

vides sufficient degrees of freedom, the dipole is centered to the slot and the

slot is centered to the microstrip line. Also, since the main radiation comes

from the dipole, the slot length can be chosen far below its resonant length.

The equivalent circuit of a slot coupled dipole seen by the microstrip line is a

series element. An example of this equivalent circuit as a function of dipole

length for two different slot lengths is shown in Fig. 8-13. It is observed that
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the increase of slot length will decrease the dipole length to obtain resonance.

This is because when the dipole length decreases, resonance will be due to the
-4

resonance of the slot, whereas when the slot length decreases, the resonance

will be due to the resonance of a center-fed dipole. It is also observed that the

resonant resistance is larger for larger slot length.
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Chapter IX

Design of Transversely Fed EMC Microstrip Dipole Arrays

Including Mutual Coupling

9.1 Introduction

Oltman introduced a class of electromagneticaly coupled (EMC) dipole an-

tcnnas [81], [561. The advantages of EMC dipoles are greater bandwidth,

higher efficiency and more easily matched to the feed lines, when compared to

classically fcd printed antennas. Based on the transmission line circuit model,

Oltman and Huebner [561 built a longitudinal EMC dipole array. Later,

Elliott and Stern developed a rigorous design theory to include the effects of

mutual coupling which successfully predicted the array performance

[591, [601. An efficient way to obtain the design curves was reported later

[42], [871 based on solving a Pocklington type integral equation using the

method of moments. The EMC collinear dipole is ideally suited to a corporate

feed, and elements of this type can be arranged in circular as well as rectan-

gular grids.

Another dipole antenna of the Oltman type is the EMC transverse dipole,

as shown in Fig. 9-1, where a dipole is oriented transverse to an embedded

microstrip line. A string of these dipoles above a common microstrip line be-

comes a linear array. Depending on dipole spacing, one can obtain standing

wave arrays or traveling wave arrays. A family of these linear arrays becomes

a planar array. Current excitation on the dipole is governed by the amount
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of offset and the dipole length. If the dipole straddles symmetrically, no

excitation of the dipole occurs. Light coupling from line to dipole can be

achieved through a slight lateral displacement of the dipole from its balance

position. Because of this light coupling, large arrays are feasible [88].

Both theoretical and experimental studies of the EMC transverse dipole are

reported recently [77]. In this chapter, a design technique which includes

mutual coupling is developed for the EMC transverse dipole arrays. Two de-

sign equations will be introduced in Section 9.2. The methods for generating

design curves will be discussed in Section 9.3. A design example will be given

in Section 9.4 together with the experimental results. A numerical verification

of the design by sol'ing the boundary value problem of the whole array system

will also be provided.

9.2. Two Design Equations.

For the transverse EMC dipole under consideration, it can be shown from

image theory that the scattering off the dipole is symmetric. In other words,

the forward and backward scattering coefficients arc the same. Therefore, in

terms of the transmission line equivalent circuit, the dipole can be approxi-

mated as a shunt element with respect to the feed [61]. Each dipole in the

array environment can then be modelled as a two port network and the whole

system is a linear bilateral network [59] . Therefore, one can write

N

In - " n Y mn (9.1)
M-l
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as a set of equations connecting the transmission line mode voltages and cur-

rents at each reference port [61]. The active admittance of each dipole seen

by the feed line can be dcfined from Eq. 9.1 by

(9.2)

where

N ,

yb = -'".-::-" ' (9.3)

with the prime on Z indicating the term n = m is excluded. Y,,, is the self-

admittance and Y6 is referred to as the mutual admittance due to the mutual

coupling bctwen each dipole. Since a linear system is assumed, the current in

each dipole can be written as

,rad N,
n I + l (9.4)

M= I

where In,, is the current of the nth dipole for a given mode voltage without the

presence of other dipoles and I,, is the current of the nth dipole due to the

current in the mth dipole. The isolated dipole current I, is a function of mode

voltage, dipole length and offset which can further be written as

l(9.5)Vn ff, In),



wheref,(sn, i) is a coefficient function relating the isolated dipole current to its

self-admittance.

The two design equations can be summarized from the above derivations

by

Irad Y . lmn

"- + P V (9.6)

and

n + Z - tinn (9.7)

in-I n

It is noted that, for the EMC tranvcrse dipole, the current phase variation in

an isolated dipole is quite large, typically 5 to 10 degrees; while, in contrast, the

current (lue to mutual coupling has a small phase variation. Therefore, in the

design, the coefficient function is not suitable for relating mutual current (I,)

and mutual admittance (,,,,,). One can use the mutual current term (I,) di-

rectly in Eq. 9.6.

The fundamental design problem is now obvious. For a given design goal

(radiating current in each dipole I,a ) one wishes to find N set of (s,, 4,) such

that not only Eq. 9.6 is satisfied but also the active admittance seen by each

feed line is what was prescribed. The definition of the radiating current in

each diple may depend on the design goal. For example, if one wishes to de-

sign a specific pattern in the H plane (perpendicular to the dipole), the jrad
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should be defined as the current collapsed in the feed line [61]. In other

words,

=rad 4:) (iv. (9.8)

In the two design equations in Eqs. 9.6 and 9.7, Y,,,,,, In,/ V, and 'Y,,,n can be

determined by the method of moments. This issue will be discussed in the next

section.

Suppose that all four functions are known. Further computations are still

required to find the dipole lengths and offsets. Since only relative currents in

the dipoles are meaningful, one can arbitrarily choose a dipole, say the nth,

with length 1, and offsct s,. For the moment, assume that no mutual coupling

exists such that the left hand side of Eq. 9.6 can be determined according to

the design goal (dcsircd currents in the dipoles). One now can use the first

design equation (Eq. 9.6) to find N-I dipole lengths and ofTsets. This proce-

dure requires that a two-variable nonlinear equation be solved N-I times. To

avoid the stability and solvability problem of this nonlinear equation, the

conjugate gradient method [89] can be used to provide optimized solutions.

Even if the above procedures are completed, a few iterations by changing the

dipole length or offset of the first selected dipole are required to provide the

prescribed input impedance. Now the design data is what one should obtain

if no mutual coupling exists. To include the effect of mutual coupling, one can

use the present design data to compute the mutual admittance and mutual

currents and go back to the two design equations repeating the above iter-

113



ations. The whole procedure is iterated until the convergence of the design

data is found.

9.3. Discussion of the Method of Moments Solution

In order to make an accurate design possible, information about the inter-

action between dipoles as well as dipole coupling to the feed line is required.

The method of -moments provides a rigorous and accurate solution. Integral

equations for the EMC transverse dipole can be written as

Ex(X'v) = JfGx J(1)(x', y') dx' dy' + f [ Gxy 4(2 (x', Iy') dV' dly' (9.9)

and

Ey(x,y) = f f G,, Jl'1 (x',y' dx' dy' + f f Gyy i,)(x', y)dx' dy' (9.10)

where JO'x',y') is the current in the microstrip line and J 2 (x',y') is the cur-

rent in the dinole. The functions G, Goy, G,, and Gyy arc the dyadic Green's

function components. A nice way of modeling the feed line is to use a finite

but long microstrip line with a 6-gap generator placed far from the line-dipole

coupling region [42], [43]. When the combination of piecewise sinusoidal

and Maxwell current basis functions is used in the method of moments

[42], [43] followed by the Galerkin procedure, the matrix equations

[Zmn] [i] = [E,] 9.11)
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can be obtained. The excitation column vector E has components Ek = -1

when the 6 gap source is located at the center of the kth basis function, and

E = 0 anychere else. The impedance matrix elements are in the form of

= o"0 - (9.12)

34, 9.) cos(AAx) cos(2AAy)d d,

when the mth and the nth basis functions are both on the dipole or on the line,

and

Zinn= fj f xAy [,AA) - h(A)l jGx, AY)0 0 (9.13)

J, x, .y) sin('xAx) sin(2yAy)d3do ,

otherwise. The functions J'(3., .) and ,,(Ax, Ay) are the Fourier transforms

of the expansion and testing functions respectively. (Ax, Ay) is the displace-

ment vector of two basis function centers,

'x = A Cos (9.14)

and

.y = A sin . (9.15)

The function J(,2) and h(2) are related to the Hertz potential described in Chap.

11. The unknown currents in the feed line or the dipole can be obtained by

matrix invcrsion. As a result, one can use the unimode transmission line the-

ory to deduce the circuit information from the method of moments solution of

the current in the feed line. This procedure involves finding the current maxi-
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mum. minimum and their positions. Detailed procedures of this are shown in

[42]. It i noted that in order to find the dipole equivalent admittance, the

dipole can be placed a half electrical wave length from the line end such that

the stub admittance will not be included in the input admittance observed by

the feed line.

One of the features of using 6 gap source is that the mode voltage of the line

changes with the change of the dipole length or offset; therefore care must be

taken to find this mode voltage, since as shown in Eq. 9.6, dipole current is

proportional to the mode voltage and only their ratio is useful in the design.

Another feature of using the moment method in the array design is that the

information about the currents in the dipoles can be obtained from the nu-

merical process. This aspect is particularly helpful, since one can use the

dipole current directly to design for the desired excitation instead of using the

equivalent circuit of the dipoles. This will be discussed further in the next

section. Other issues in this array design are how the mutual coupling infor-

mation can be separated from that of the self term and how this can be

achieved without involving the whole system at the same time. In order to

solve these problems, certain assumptions are necessary. It is assumed that

the self admittance and self current to mode voltage ratio will not change with

or without the presence of other dipoles, and that the mutual coupling between

any two dipoles is unaffected by the rest. These two assumptions are good if

mutual coupling is not too strong [61], which is usually true for practical ar-

rays.
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The method of computing mutual coupling of dipoles individually fed by a

microstrip line has been discussed in [87]. One of the features of the array

considered here is that the dipoles are series fed by transverse microstrip lines.

The computation of mutual coupling in this case requires a different approach

from [87]. To find the mutual coupling information, one can consider two

dipoles fed by a microstrip line and follow a similar numerical method as for

an isolated dipole case except for the additional computation of dipole to

dipole reaction. An asymptotic extraction technique together with point

source approximation has been developed in [44] to compute efficiently and

accurately the reaction of two dipoles. After the matrix inversion, the solution

of the current in the line or dipoles provide the total active admittance as well

as active currents of the dipoles. For the nth and mth dipole with resonant

spacing. the method of moments allows one to compute the total active

admittance

y a , _ . } n . y atot nc M (9.16)
)nn + Yinm T 2)'rn"

The - or + signs depend on whether the dipole spacing is an odd or even in-

teer of a half guide wavelength. From Eq. 9.16, if the self admittance of each

dipole is known, the mutual admittance can be determined. The active cur-

rents in the dipole i, and Ia, can also be obtained numerically and can be de-

scribed as

n ,nn + ,,,,,
(9.17)-F 

1n Vn
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and

mn -if /minn=
.V (9.18)

V nV im I in

From Eqs. 9.17 and 9.18 together with the information of the current excited

in an isolated dipole, the mutual current (/,) can be obtained.

9.4. A Design Example

The previous discussion of the design theory applies either to a linear or a

planar array. Here, a sevcn elements standing wave linear array will be de-

signed to illustrate the design technique. The geometry is shown in Fig. 9-2.

A sum pattern in the H -plane with a -20 dB side lobe level was prescribed for

this array. The printed dipoles are series fed by a 50 fl microstrip line em-

bedded in the middle of the substrate of thickness 0.16 mm and permittivity

2.17. The design frequency is 8.3 GHz and element spacing is chosen to be one

guide wavelength. All dipoles have the same width of 1 mm and the offsets

and lengths are to be found. The design curves for the self admittance Y," and

the coefficient function f, as a function of offset and length obtained from the

method of moments solution are shown in Figs. 9-3 and 9-4 respectively. It is

found that, for the EMC transverse dipole, many basis functions arc required

to obtain adequate convergence. To obtain each data point, 19 expansion

modes are used in the dipole and piecewise sinusoidal modes of size of 0.04

guide wavelength are used in the line. It is observed from Fig. 9-4 that for

different dipole offsets and lengths, the phase off, is not a constant.
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Figure 9-2. A seven element linear standing wave array.
Elements are spaced by a guide wave length.
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This implies that even for resonant spacing, to have in-phase excitation, the

dipole can not be self resonant. To obtain a perfect match, the stub length

Ax in Fig. 9-2 can be suitably adjusted to tune out the total active susceptance.

The sampled data are used to construct the data bank such that for a given

offset and length the function value can be obtained through a two dimen-

sional interpolation routine. Mutual coupling between two dipoles is a func-

tion of dipole lengths and offsets for a fixed spacing. It is found that mutual

coupling is not sensitive to a small change of dipole length. Also from the

results of no mutual coupling, it is found that the lengths of all the dipoles are

different within 0.2%. Therefore, in the mutual coupling computation, the

dipole lengths are fixed. The mutual admittance and mutual current as a

function of offsets for one guide wavelength spacing and fixed dipole length

are shown in Figs. 9-5 and 9-6 respectively. A similar procedure can be fol-

lowed for a two wavelength spacing, and so on. As a result, the interpolation

or extrapolation method can provide the mutual coupling information for any

dipole spacing.

The design data after a few iterations, including the self and mutual

admittances arc shown in Table 1. The element spacing is 23.6 mm and

Ax = I I mm. It is seen that the mutual admittance is more than 25% of the

total active admittance. Therefore, it is concluded that even at one wave

length spacing, the effect of mutual coupling should not be ignored. To pro-

vide a confident check of the design data, the method of moments is applied

to the seven element linear array. The results of active admittance and cur-

rent in each dipole are shown in Table 11 together with the results from the
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synthesis technique. It is observed that the current amplitude agrees within I

to 2% and the phase agrees in + I degree. The admittance comparison is also

good.

The antenna array was built on a 10-in square Duroid board [90]. The

measured return loss from the feed line is shown in Fig. 9-7. The bandwidth

of this array is about 3.75%. The frequency for a perfect match is found to

be 8.14 GHz which deviates 160 MHz (2%) from the design frequency. This

result is rather good, considering that this array is very sensitive to the toler-

ances of the device parameters. Both the desired and measured radiation

patterns in H-plane arc shown in Fig. 9-8. It is observed that the main beam

as well as the first side lobe agree well with the design criteria. Other side

lobes in the measured pattern are a little too high, which is probably due to the

finite size of the ground plane.
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'ITABIL.E I

I)eign data of a scvcn clement linear my

No. oiff, I in miv dipoilc length in mm

I 0.5697 12,723 0.0580 + j 0.0934 0.015 + j 0.003

2 0.7425 12.743 0.0825 + j 0.0519 0.038 + j 0.006

3 0.9467 12.716 0.1450 + j 0.0020 0.053 + j 0.006

4 1.0200 12.703 0.1769 - j 0.0235 0.060 + j 0.005

5 0.9467 12.716 0.1450 + j 0.0020 0.053 + j 0.006

6 0.7425 12.743 0.0825 + j 0.0519 0.038 + j 0.006

7 0.5697 12.723 0.0580 + j 0.0934 0.015 + j 0.003

',,,= 1.02 + j0O2 Oesult from iterations)
1',,, -1.08 + jO.006 (result from I.E.S.)

TABLE II

Design check through an integral equation solution (I.E.S.)

No. desired current I.E.S. current

I 1.0000 < 0.0 1.0000 < 0.0

2 1.2751 < 0.0 1.264 < -1.2

3 1.6810 < 0.0 1.650 < -(1.2

4.1.351 <0.0 1.824 < 1.4

5 1.1810 < 0.0 1.654 < 0.4

6 1.2751 < 0.0 1.266 < .0.8

7 I.(XXx) < 0.0 0.999 < 0.8

The 11n t11 Ilhc phi,, of cmiUco is in degice
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Chapter X

Conclusion

In this dissertation, a generalized frequency dependent method has been de-

'eloped to characterize integrated circuit discontinuities and printed circuit

antennas. The analysis has taken into account all the physical effects includ-

ing radiation, surface waves and higher order modes. The method of moments

has been used to solve coupled integral equations. In the procedure, a mode

expansion mechanism using the combination of the entire domain traveling

wave modes and the pieccwise sinusoidal subdomain modes has been devel-

oped. This scheme is particularly useful for the analysis of coupled infinite

lines.

The geometries of microstrip open-end and gap discontinuities in two layer

structures arc analyzed. The fringing effect and radiation and surface wave

losses as a function of various device parameters are studied. The results of

this study have been obtained through a careful convergence test and com-

pared against the quasi-static results in low frequency range with excellent

agreement. A short-end slot line discontinuity in a one-side or a sandwiched

structure is also studied. The advantages of using a slot line sandwich have

been demonstrated.

Line to line transitions which are increasingly important in VLSI and

monolithic circuits, have been investigated. The transition circuits studied

include microstrip-slot line transition, proximity coupled collinear and trans-
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verse microstrip transitions. The analysis of microstrip-slot line transition

which includes the coupling between microstrip and slot line, reveals the 'er-

satility of the developed numerical methods. The analysis can be easily im-

plemented in a computer aided design of both microstrip circuits and slot line

circuits. The analysis of proximity coupled microstrip transition has shown

that these transitions are broadband and provide a wide range of coupling co-

efficients, and have potential importance in the design of microwave filters and

couplers. The experiment for the case of a transverse transition has been

performed to verify the analysis.

The method for characterizing integrated circuit discontinuities is general

enough to analyze a class of printed circuit antenna feeding structures. These

structures include a microstrip fed slot, a slot line fed dipole, an EMC trans-

verse dipole and a microstrip fed slot coupled dipole. The main features and

potential applications for each antenna architecture in monolithic phase arrays

have been discussed.

Design techniques and procedures for microstrip dipole arrays transversely

fed by proximity coupled microstrip lines have been presented. Two design

equations which include the effects of mutual coupling arc developed and the

corresponding design curves are obtained by a rigorous integral equation sol-

ution. A sevcn element standing wave linear array has been designed to illus-

trate the developed design procedures. The design data is checked by a

completc intcgral equation solution of the array with excellent agreement. The

radiation pattern and input impedance measurements are also compared with

theory.
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The integrated circuit components studied in this dissertation are either

isolated line discontinuities or proximity coupled transition from line to line.

The circuit components are slender strips or slots in rectangular shape. These

considerations lead to the approximation of a one current component in the

strip and a one electric field component in the slot. This simplified analysis

has greatly reduced the CPU time without losing desired accuracy. With a

straightforward (but tedious) modification of the present analysis which con-

siders both current or field components in the circuit, one is able to character-

ize microstrip and slot junction discontinuities. The extension of the present

research to coplanar waveguide or coplanar coupled line is also possible. The

analysis of the printed antenna elements can be used directly to design

monolithic antenna arrays without considering mutual coupling. The method

of incorporating mutual coupling in the array designs has also been demon-

strated with an EMC transverse dipole array as an example.

12
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Appendix A

The pertinent parameters in Eqs. 2.9-2.14 are expressed as
e

q2 cosh q(zs - b) q sinh q2(Zs - b)
2 "[2 It, tanh q1b

(- ) .... " 2 2
= [ f0(,). 1(2) + -qn 2  AA)] (A.2)
/12

fI(A) = 2 [q sinh q,(h - Zs) + q2 cosh q,(h -z) (4.3)
nj" sinh q1b 1P2

" q,n 2 2 ) + q1lf']
hi(t) = --2f(.).43() tanh q - n sech - (

forb z' z < z.

f4Q) = A4(A)sinh q,4z - b) + AJA)cosh q2(z - b) (A.5)

for z, < z < h,f2(;) is similar to Equation (A.5) except z and z, arc intcr-

changed due to the reciprocity.

(n.- ,i)AS().)A 6(,) + (I - )AA)A 8 ( ) (A.6)

2 PhA,(;) =q 2n1 cosh q(/h - b) + -- qln2 tanh qlbsinh q4h - b) (A.7)
P2

A))= qsinh qh - zs) + -!2-.cosh q2(h - zs) .8

A30) = q-,sinh q(/h - b) + q2 cosh q(h - b) (A.9)
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q,( q cosh q_(h - zs) + i 2qq sinh q-,(h - zs)

it tanh qlb + t lq2 tanh ql b

,4()) = qsinh q(h-zs) + -- 2 cosh qh- zs) (A.11)

qn sinh q2(h - z)
= it2 + q- cosh q2(h - z) (A.12)

•q7(2) = '2cosh q(s- b) + sinh qz - b)

P2 + it , tanh ql b

4,s(; q2n'2cosh q2(z - b) + .ItIqjnjsinhq2(z - b)tanhqlb (A.14)
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Appendix B

The pertinent parameters in Eqs. 2.28-2.33 are expressed as
9

",q sinh ql-s (B.1)

sinh q1b

h~o) f = '0 ) )  2 " ( 2  n2) 2/) B
1,2-"' ( - n2)tlrBl(2) + - 2 (B.2)

forz, < z < b

.=i'si nh qjzs.B30) sinh q +z sinh qlzs sinh ql(b - z)D

p isinh2qlb ql sinh q1b

for 0 < z < . ,.f'(A) is similar to Eq. (B.3) except z and z, are interchanged

due to the reciprocity.

hPl C ().) sec.i;q; [(/1 2 _ 2 + 2
2 [ nl)B2(/.) q2 n1t~i- nI)] (B.4)

f z(j) .qqos 2( -z

f[q'z) = .)Lqsinh q2(h - z) + q2 cosh qh - z)] (B.5)

h'P) = 2f'_) n2 -
=- . 2 -1 n )B.'2(A)B5 ) + q2nt(l - n2)B6(A)] (B.6)

BI(A) = q2 cosh q(/h - b) + q, tanh q1b sinh q2(h - b) (B.7)

B() = jiqsinh q(h - b) + q2 cosh q(h - b) (B.8)
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BP() = q sinh q_(I - b) + 42 cosh q,(I -b1) (B.9)

B4(A) = q2.cosh q_(h - b) + q&2 sinh q2(h - b) (B.10)

B.,(A) = q2 cosh q_4h - z) + qZ2 sinh qj(I - z) (B.1 1)

B6().) = q2 cosh q_4z - b) + -qj tanh qbsinh qz -b1) (B. 12)
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Appendix C

The pertinent parameters in Equations (2.85)-(2.90) are expressed as

2'2f)nq) = (C.I)
2 cosh ql b

h1114) = q2 sinh-q(h - b)Cl(A) + ql cosh q2(h - b)C2(2) (C.2)

f,, e (2) (1e-anh
qz + (I -tanh qbXC3().) + C4(A)) (C.3)

1 2 2

___________q _____ q~n I(I - n-)

sinh qlb cosh ql b  P2 + C5Q)C 6(2)]

fS2) q C7).) (C.5)q2, q2 2 -q ,

C' s )C ) + n1(I n2) 2 (A) (C.6)
( P2 cosh qlb ()22

qlnr'(I - n5) it I qn,;(ni - n 0C - + (C.7)
sinh qlb 2 cosh ql b

C4)) it, n;s ql (C.8)
2) sh q b nq

2 22 1 q,)
C =() sinh q, - b) (iq - & )1(C.9)
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;= cosh q(h - b)(It 2 I-q 2q (C.1)

qq Ca.) -) q cosh q2(h - b)
47= + q sinh q_,h - b) (C.1l1)

C6O) (12 - nl)[q2 cosh q2(h - b) + qg2 sinh q2 (h - b)] (C.12)

q2 cosh q(h - z) sinh q.4h - z)
7)2 1 /1 + (C. 13)+ qIt 1

ni~q

q-2 cosh q_4h - z

C ) = q 2 + q sinh q(h - z) (C.14)

Co( =qlsinhq_(z - b) it q2 coshq(z- b)
) sinh qlb + P2 coshqlh (C. 15),
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Appendix D

The asymptotic extraction technique discussed in Section III of Chap. III,

requires the computation of the following integral

-11 30 v /2 f w/2 
1 d fdi J1(Y) JAy'f 0 X)f0 (x')

ieff /2 t12 d-w,2 -d - (D.)

a 2 eJkR[(- +2 ~ R "]dx dx' dvdy'

where

sinkel(dI - IxI) (D.2)
sin keld

R ( - x' + nd i - nd )2 '+ y,')2 (D.3)

ke eff (D.4)

and J,(y) is shown in Eq. (3.5). The quadruple integral in Eq. D.1 can be fur-

ther reduced to a double integral with integrand containing the Fresncl func-

tions if ke = kei . Since the integration range is usually small, the integration

converges quite easily.
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Appendix E

The dominant term of the asymptotic form of Eq. 3.30 is

E 120k'nke 4- z 0 F,2(Ay)
= l " (cosA/cilF-coskedl)cosAtndldAdd (E.1)

JnEeff J) A - k2

E when transformed back to Fourier domain can be expressed as

E = 0.5 E(d i + ndi) + 0.5 EI(,1i - nd1) - coskedI E1(nd1)
+ 0.5 E_(dj + ned1) + 0.5 E,(d - nd1) - cos kedI E,(ndI) (E.2)

where

cos
E j F(.y) dAy dAx, (E.3)

E2)A= .d, (E.4)

and

A 'Y (E.5)

The integrations in Eqs. E.3 and E.4 both converge, however, in order to ob-

tain more accurate and efficient computation, further analysis may be re-

quired. For the ), integration in Eq. E.3, the integration contour in a complex

plane can be defo)rmed (referring to Fig. E-I) along the branch cut. This will

help the integration decay exponentially when the cos argument is not zero.
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Using the branch cut integration and a secant transformation. E,(a) can be

written as

00o. f/2 e- ;Ysec 01 Cos 0
E1 () =f FT(Ay) d).y 2 2 ""W" dO (E.6)fo .'0 /. + kmCOS"

The convergence of the ),, integration in Eq. E.4 can be improvcd for a # 0 by

deforming the integration contour in the complex plane. The new contour is

shown in Fig. E-2. The final form of the integration in Eq. E.4 can be written

as

j0.Ec~ =-~ JFRe~ d{~y j e'"\/A - ). .

(A4J0 2)'A + A~u

where

)= -2A + ju (E.8)

It should be noted that the singularities in either Eq. E.A or E.2 are ignored

since, as pointed out in Chap. Iil, these singularities are removable.
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Figure E-2. Integration contour of Eq. E.4,
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A RIGOROUS DISPERSIVE CHARACTERIZATION OF MICROSTRIP CROSS
AND TEE JUNCTIONS t

Shih-Chang Wu, llung-Yu Yang and Nicolaos G. Alexopoulos

Electrical Engineering Department
University'of California, Los Angeles

Los Angeles, CA 90024

Abstract- A full-wave spectral-domain analysis is applied compared with available measurements and quasi-static re-
to tie characterization of multi-port microstrip discontinu- suits.
ities. This approach employs the moment method to find
the currents in the microstrip circuits and subsequently, the II. Analysis:
scattering parameters of the junctions. In this approach,
all the physical effects are considered, including radiation Microstrip discontinuities can be looked upon, from
and surface waves. The numerical results for a tee and a a circuit point of view, as N transmission lines (N ports)
cross junction are presented and agree well with the quasi- jointed in a common region. The modeling involves finding
static values at low frequencies. The S parameters of a the current distribution not only in the junction region but
tee junction are further compared against the measured re- also in the N semi-infinite microstrip transmission lines.
suits with excellent agreement. The utilization of a shaped The approach to solve the problem is based on the moment
T-junction as a broad-band equal-power divider is also dis- method solution of the exact integral equations.
cussed.

A generic four-port microstrip discontinuity is pre-
I. Introduction: sented in Fig. 1. Four semi-infinite microstrip transmission

lines which extend to 4- oc in x or y direction are jointed
The full-wave analysis which deals with microstrip in a common block (dash line box in Fig. 1). The widths

discontinuities in an open geometry has been applied to a of these four transmission lines are not necessary the same.
variety of problems. This approach based on the moment The planar configuration of the microstrip discontinuity in.
method solution of an.exact integral equation involves the side the common block is a state of the art to design the
computation of a continuous plane wave spectrum such that desired performance of this junction in a specified frequency
the effects of radiation, surface waves and the higher-order range.
modes are included. This full-wave analysis has been ap-
plied to microstrip open-ends and gaps 11-31, steps [11, and For microstrip junction problems, the concept of a
bends (.-7). module can be used. A module encloses the region at or

near the junction where higher order modes are generated.
From the review of tihe past work, one finds the full The region otherwise consists of purely uniform transmis-

wave awaly,,is up to now is limited to two-port structnres. sion lines. The currents inside the module are expanded
In this paper, a full-wave analysis up to four ports is pre- in tetms of piecewise sinusoidal basis functions, while time
sented. '[ie spectral domain dyadic Green's functions are currents outside the module are uniform transmission line
adopted in electric-field integral equations (EFIE) to han- currents (semi-infinite mode SIM).
die double- layer substrate p~roblemns. [Both longitudinal amnd
transverse current components on the microstrip are taken
into account and are the solution of the method of me-
ments. In Section 11, the method of moments formulation
of the EFIE is briefly outlined. Mode expansion utilizing
the combination of semi-infinite line modes on transmis-
sion lines and piecewise sinusoidal basis functions on the own
vicinity of the discontinuity are also discussed. In Section
Ill, numerical results of the scattering parameters of var-
ious microstrip discontinuities such as basic tee and cross
junctions as well as a shaped T.junction are discussed and Fig. 1 A generic structure of a four port niiciwtrip disnnminmity

tThis research was supported by U.S. Army Research Grant DAAL 03-86-K-0090



If a local coordinate system is used at each line and Each element in the submatrices of [Z] and [V,.] is the re-
the excitation is in the ,ih port, then away front the junc- action between the basis function and the testing functioi
tions, the current in the it"' port, with longitudinal com- and is in the form of a double integration in a spectral
ponent oriented in x direction, is domain. The superscripts in [Z] indicate the orientations

of the corresponding testing and basis functions; and the
jT.= (c-MY. r' eC'i1.*') f,(y), (1) subscripts represent their locations. For instance.

while the current in the 11h port in x direction, with p # i, Z.', V .

J= - ( ,k(P i) ( ) ( \ '"Pf (Y'). (2) (7)

is the reaction between the basis function I (current in
In addition, the current in the q1h port in y direction is the x direction), with the testing function I.' (current in

Lhe y direction). [V.] is in the same mathematical form as
J v = -- rq c-)cqa7Y'f9(.q). (3) [Z] except that the basis function is the semi-infinite mode

nr of the incident wave.

(k is a sign index function of kth port. 11. Results and Discussions

(k +1 ; kth line extends to +oo in z or y direction1 kth line extends to -oo in x or y direction In this research, several microstrip discontinuities
(4) are analyzed by the method described above. The data

generated by TOUCHSTONE version 1.7 , which are es-
where k could be p, q or n. fk and dk are the pre-calculated sentially quasi-static results, are also presented for com.
current transverse dependence and the propagation con- parison.
stant on the kth microstrip transmission line, respectively.
It is nottd that, in terms of scattering parameters, 1k' is Sk.
This aspect describes a unique feature of the approach. PORTO, w W I o,

The babis function of the module is chosen as a
picewise sinusoidal (PWS) function in the longitudinal di- - w -
rection (the direction of current flow) and a pulse function Pai'T(a). a basic T-junction
in the transverse direction. Mathematically, the current
inside the module can be expressed as PORTM

W

a: L=*PORTOI W i W FORT 02

The closed form of the Fourier transform of the basis func-
tion call he found.

A nearly Galerkin method is applied to transform (b), a right angle cross junction
the integral equations into a matrix equation. Inside the
module. the testing functions are in the same form as the
current basis functions. The testing function for the semi- " " M
infinite line. which is chosen as a piecewise sinusoidal func- " E
tion in direction of current flow and with the same trans- " 32 I
verse dependence as the transmission line current, is ap-
plied adjacent to the module. Finally, the matrix equation
is in the form of W

(Z.,'.1 Z" .1 (", .1 [iml(c). a shaped T-junction

lz'J., t T,,,,T
ZIzId"Z.] Z~4.I -z, [, - -

[z f21 EZ"~ ~~~ Iz' I I I=I l, (d). the substrate structure

nT3, n r'T12 T V (6) Fig. 2 Layout of a variety of juctiow-



A basic T-junction with three identical semi-infinite
transmission lines is shown Fig. 2(a). The numerical results
shown in Fig. :3 and 4 are-converged within 0.2dB in mag7
nitude and 2.5° in- phase. The results of the magnitude of
the scattering coefficients are compared against with mena- .,
suremcnts [81 and the quasi.static values (TOUCHSTONE 102 CIsTo~f
data). and-are shown in Fig. 3. It is seen that the present
full-wave results are in excellent agreement with the mea- 4 S2
sured data. but,.Agree well only in the low frequency range
with the TOUCHSTONE results. In the high frequency .
region, the unequal power transmitted on S'21 and S31 ob-
served in both theory and measurement is more significant -31
than what TOUCIISTONE predicts. It is noted that the sit
TOUCHSTONE results are from a quasi-static analysis,
which are not as accurate at high frequencies. The full-
wave results and the TOUCHSTONE results for the phase i t
of $33 are also compared and are shown in Fig. 4. Good r-,w",cGH4
agreement is found below 10 GHz, but more than 45" dis-
crepancy is found at 24 Gllz in this particular case. Fig. 5 Magnitude of 5 parnmetem of a right

anie cbosing junction
(f. 30.2. h - 25 rail. t. - 24 mil)
NOi oas i. TOUCHSTONE I$I I I s . .211 %V111

S21
........ A symmetrical cross junction is shown in Fig. 2(b),

where two identical transmission lines are crossed at a right
angle. With the same numerical convergence criteria as in a

"..3 basic T-junction, the magnitudes of scattering coefficients
I .are shown in Fig. 5. TOUCHSTONE predicts equal power

.~ distribution for a cross junction in a wide frequency range;
.............. however, the results of this study indicate there is an un.

. . . . equal power distribution for the cross junction. The phe.
,.12 nomenon of unequal power distribution is more significant

-- Tob.cT. for higher frequencies. From a distributed circuit point of
• r. ,=~'i view, this phenomenon is obvious since port II and port

* ; .. ,;, III are not symmetric and the current tends to go straight
igrmey(O through the cross junction. For a quasi-static calculation,

the cross junction is like two wires jointing together and in
Fig, 3 Magntude of S pWarneters of a basic T.junction terms of the lumped circuit concept, the power distributed

(e. -99 h 25 ou... r 14 ot) in each port is certainly identical.

The problem for a basic junction is that the power
transmission distributed in each port is usually restricted.
For example, in a basic T-junction, there is always more

'.. power transmitted in port II than in port III, and the re.
flection coefficient increases as the frequency increases. In
order to make the circuit design more flexible, modified or
compensated discontinuities are usually used [9). A shaped
T-junction shown in Fig. 2(c) is an example of this mod-
ification. In the present full-wave analysis, the advantage

Shof using piecewise sinusoidal basis functions can be seen in
- -.ToU'CKs this particular application. By using piecewise sinusoidal

basis functions inside the module, the shape of the junc-
tion can be quite flexible in the modeling. The design of a

S " - - shaped T-junction shown in Fig. 2(c) is intended for equal.
F,,,um cyOa) power transmission in ports II and III and small reflection

coefficient-at port 1II. If the difference of the transmitted
Fig. 4 Phws or S33 of abasic T.junctiou power for ports 11 and III is required to be less than 0.5 dB,

- 99 . A ,, 25 iul. -. t 24 aol)



References

[11 P.B. Katehi and N.G. Alexopoulos, "Frequency-
S21 dependent characteristics of microstrip discontinuities

.... -in millimeter wave integrated circuits," IEEE Trans.
on Microwave Theory and Techniques, Vol. MTT-33,

. - pp.1029-1035, Oct. 1985.

S.- 3s [2] R.W. Jackson and D. M. Pozar, "Full wave analy-
I - sis of microstrip open-end and gap discontinuities.".......... IEEE Trans. on Microwave Theory and Techniques,

sit Vol. MTT-33, pp.1036-1042, Oct. 1985.

131 H.Y. Yang, N.G. Alexopoulos and D.R. Jackson,
"Microstrip open-end and gap discontinuities in a

.4s . , substrate-superstrate structure," IEEE Trans. on
I.quvcy WH&) Microwave Theory and Techniques, Vol. MTT-37,

pp.1542-1546, Oct. 1989.
Fig. 6 Magnitude of S rAwnetm cia shaped T-junction

U,. . 10.2 .4 - 25 aid,, w . 2 ) [4] R.W. Jackson, "Full-wave, finite element analysis of
irregular microstrip. discontinuities," IEEE Trans. on
Microwave Theory and Techniques, Vol. MTT-37, pp.

the results in Fig. 6 show that equal power transmission is 81.89, Jan. 1989.
very broad band (from D.C. up to 16 GHz). In compari-
son, for a basic T-junction,,equal power transmission only [5) J.R. Mosig, "Arbitrarily shaped microstrip structures
valid up to 6 GlIz. Besides, S33 of a shaped T-Junction is and their analysis with a mixed potential integral
usually a few dB-lower than that of a basic T-junction. equation," IEEE Trans. on Microwave Theory and

Techniques, Vol. MTT-36, pp. 314-323, Feb. 1988.

IV. Conclusion: [6] A. Skrivervik and J.AL Mosig, "Equivalent circuits of
microstrip discontinuities including radiation effects,"

A full wave analysis of a multi-port network is car- 1989 IEEE MTT-S International Microwave Sympo-
ried out by the moment method. It has the capability of sium Digest, pp. 1147-1150.
analyzing four-port irregular shaped junctions. The results
for a tee and a cross junctions are presented and found in [7] W.P. larokopus and P.B. Katehi, "An accurate char.
good agreement with the quasi-static results at low frequen- acterization of open microstrip discontinuities includ-
cies. An example of using a shaped T-junction to improve ing radiation losses," 1989 IEEE-MTT-S International
the performance of a basic T-junction was given. This ex- Microwave Symposium Digest, pp. 231.234.
ample also illustrated the flexibility and the CAD potential [8] 1. Wolff, private communication
of the full.wave analysis presented in this paper. The com.
puted results are further compared against the measured [9] M. Dydyk, "Master the T-junction and sharpen your
data for a tee junction. The comparison shows excellent MIC designs," Microwaves, pp.184-186, May 1977.
agreement.

Acknowledgement:

The authors wish to thank Professor Ingo Wolff and
his colleagues for providing the measured T.junction re-
sults.



23678 -EL
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and Surface-Wave Losses iii Microstrip Discontinuitiest
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Abstract point of view, once the currents in a conductor are

known, the time-harmonic fields can be computed.

A generalized method for calculating both ra- From the theory of printed circuit antennas (6], the

diation and surface-wave losses is developed for mi- radiated space waves are spherical waves in the hemi-

crostrip discontinuities. The losses are determined sphere above the substrate; while surface waves are

by a rigorous Poynting vector analysis where the cylindrical waves guided along the planar direction

current distribution over the entire microstrip dis- of the substrate and decay exponentially toward the

continuities is a result of a full-wave moment method free space. The power due to radiation and sur-

solution. It is found that above a certain frequency, face waves can therefore be computed separately

the surface-wave loss becomes more important than through a rigorous Poynting vector analysis. In this

the radiation loss. A self-consistency checkof the re- work, radiation and surface-wave losses for several

suits based on power conservation is also presented. types of microstrip discontinuities are investigated.

These discontinuities include open-end, right-angle

Introduction bend, rectangular patch and overlay electromagnet-

ically coupled (EMC) lines.

Radiation and surface waves are unavoidable

physical effects of microstrip discontinuities associ- Analysis

ated with an open structure. In recent years, a

full-wave analysis that includes these physical effects In the integral equation formulations, all field

has been developed for various microstrip disconti- components can beexpresed in terms of the dyadic

nultles (145]. Although both radiation and surface Green's functions and the current components. There-

waves are included, the analysis only provides the fore, the current distribution over an entire discon-

total losses. One still can not distinguish the per- tinuity can be treated as a basic block (7] for this

centage of power losses due to radiation and due analysis. The radiation loss can be calculated by in-

to surface waves. The full-wave analysis employs tegrating the Poynting vector over an infinite plane

the moment method to find the currents in thi .i. (shown in Fig. 1) in the free space above the entire

crostrip circuits and subsequently, the circuit pa- microstrip circuits. The expression is written as

rameters of the discontinuities. From an antenna P I.= R.J/(k ×I7").d. (1)

i This research was stopported nider U.S. Army Research Office Grant DAAL 03-86-k-0090



Surface waves can be obtained from the residues

of the Fourier integrals in the spectral domain ap-
proach. With the characteristicsthat surface waves

Microtrippropagate along the surface, the surface-wave loss

dis~oninuitcan be found by integrating the Poynting vector over

a cylinder (shown in Fig. 2) of large radius p. The

expression of the surface-wave power is

P.= j0* 2 'r xR(Ae X Ae)pd.*dz (2)

Numerical Results and Discussions

Due to power conservation, the summation
Fig. 1. Interation plane ror calculating radiation loss, of each power should be equivalent to the incident

power. An example of this check is shown in Table 1.

The incident power is normalized to 1. Due to power

P ~conservation, total power which is the summationj

of reflected, transmitted, radiated and surface-wave-

power should be equal to 1. The result in Table I

Microtripshows excellent agreement.

71Pigs. 3-5 show the percentage of radiation

loss, surface-wave lose, and total power loss as a

function of frequency for open-end, right-angle bend,

and overlay electromagnetically coupled lines respec-

tively. It is seen that the losses due to both radia-

tion and surface waves increase with frequency. At
Fig. 2. Integrahion cylinder rear c.alculating surface-wave loss.

low'frequencies, the losses are mainly due to radi-

ation. When the frequency increases, surface-wave

161,, i,,r ri11 ) tr~ .~ loss increases faster than the radiation loss. Above

2(0 1.011 0.1.14 o.922 0.022 0.023 a certain frequency, the surface-wave loss is more

21 0,997 03153 0,787 0.027 0.030 significant than the radiation loss. Fig. 8 shows the
22 1.01 017 1.75 hI0I power distributions of a rectangular patch antenna.

22 1001 0.1.1 .755 0.03 OG41 It can be seen that the maximum radiation efficiency
23 105 013 079 009 004 is about 65% in a very narrow band around 7.2GHz

24 1.007 0.201 0.67K 0.04$ 10(.073 with about 10% surface wave loss and 25% return

- - - - - - loss.

Conclusions

T~Abl 1. Power conservation check for right-angle bend dliscontinuity.
Piarmeters ame the same as thowe ine Fig. 4,)
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types of microstrip line-to-line transitions. The methodolo&v employs a mo-

ment method procedure where the combination of subdomain expansion modes

and entire domain microstrip modes is used. The transitions studied include

edge-coupled lines, overlay-coupled lines and coupled-to-single lines. A power

conservation check based on a rigorous Poynting vector analysis is also used to

determine the accuracy of the numerical convergence.
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Chapter I

Introduction

Shielded microstrips are commonly encountered in microwave and mil-

limeter integrated circuits. The advantages include relatively low losses and

fairly high Q-factor as compared with open microstrips[1]. Many applications

such as high directivity directional couplers and broadband filters have been re-

alized in shielded structures[2][3]. In antenna applications, shielded microstrips

can provide nice features when used to feed a linear array of slots in the outer

conductor wal[4]. For sufficiently low frequencies, the quasi-static theory can

be employed to characterize shielded microstrip lines and their discontinuities

reasonably well[51-[8]. However, as the frequency increases, the deviation from

quasi-static behavior becomes significant and a more rigorous full-wave analysis

is necessary.

To calculate accurately the dispersion characteristics of shielded microstrip

lines, the spectral-domain analysis proposed by Itoh and Mittra[9] is numerically

simpler and more efficient than the conventional space-domain techniques. This

method allows one to convert convolutions into algebraic equations in the Green's

function formulation; thus avoiding the necessity of the evaluation of complicated

integrals. Since the strip-width and strip-offset are comparable to the waveguide

dimensions, the transverse current component should not be neglected and a

complete dyadic Green's function is required. After deriving the spectral-domain

Green's function for a three layer shielded structure, boundary conditions on the

strips are employed to obtain integral equations. As a result, the propagation

constant and current distributions on the strips can be determined by the method



of moments. An impedance definition using power and total currents are chosen

to describe the exchange of power with TEM lines [10]. Once the current dis-

tributions on the strips are found, the six field components can be obtained and

the characteristic impedance can be calculated through performing the surface

integral of the Poynting vector in the propagating direction.

Based on the analysis described in Chapter II, the computer program

developed for calculating the dispersion characteristics of shielded microstrip lines

can offer the capacity to analyze the shielded microstrip single and coupled lines

with arbitrary strip-width and strip-offset, while only limited results in some

special cases were reported by a few authors [12]-[15].

Several types of shielded microstrip line-to-line transitions are also studied

in this thesis as the important building blocks for high frequency inter-connects.

Applications in mm-wave integrated circuits include high-pass filter, multiplex-

ers and directional couplers. Losch [17] has designed a broadband highpass filter

in realization of an overlay-coupled line transition based on a quasi-static for-

mulation. A more rigorous full-wave analysis for coupled line filters associated

with the open structure has been discussed by Katehi [18] for an edge-coupled

transition and by Yang and Alexopoulos [20] for an overlay-coupled transition.

In [20] a spectral-domain approach by expanding the current in the coupled line

section with a combination of entire domain and subdomain modes is used. This

mode expansion mechanism seems to be the most efficient and fruitful by far. For

the advantage of preventing unnecessary interaction and radiation loss, a waveg-

uide housing is sometimes more practical to the real circuit design. In Chapter

III, a full-wave moment method is used to characterize shielded line-to-line tran-

sitions. The transitions including edge-coupled lines, overlay-coupled lines and

2



coupled-to-single lines are investigated.

For shielded microstrip transitions, the incident power should be equal to

the summation of reflected power, transmitted power and some losses coupled

to the higher order modes and the multi-layered waveguide modes. With proper

waveguide dimensions, the losses coupled to the higher order modes and the

multi-layered waveguide modes can be removed. Therefore, a power conservation

among the incident, reflected and transmitted powers can be checked to determine

the numerical accuracy. In Chapter III, the scattering coefficients are obtained

through the method of moments. However, due to the different characteristic

impedance between the feedline and the parasitic coupled line, these coefficients

can't contain the information of power conservation. With the characteristic

impedance obtained through the Poynting vector analysis described in Chapter

II,, the reflected power associated with the feedline and the transmitted power

associated with the parasitic coupled line can be normalized respectively by the

product of the characteristic impedance and the square of the absolute value of

scattering coefficient for each line.

The results of power distributions and scattering coefficients of line-to-line

transitions can identify the properties and applications of each transition.

3



Chapter II

The Dispersion Characteristics of Three Layer

Shielded Microstrip Lines

2.1 Green's Function for Three Layer Shielded Microstrips

In this section, the dyadic Green's function for an electric Hertzian dipole

embedded in a three layer shielded structure is derived in a spectral domain.

The geometry shown in Fig. 2.1 contains three different dielectric layers with

permittivity el, e2, c3 , and thickness hl, h2, h3 respectively. The permeability in

each region is assumed po, the free space permeability. The total thickness is b

and the distance between two sidewalls is a. The dipole, oriented in the planar(x

or z) direction, is located either at y =h or at y h h1 + h2.
y

/Lx

z0 J.J

z do

b h2

Fig. 2.1 An electric Hertzian dipole in a three layer shielded structure.
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Instead of deriving the fields directly, the Green's function is more easily

obtained from a Hertz potential II which satisfies the differential equations

v'i1, + kfl(j) = 0, (2.1)

where subscript i identifies different dielectric layers, i = 1, 2,3. The boundary

conditions at each interface for a dipole oriented in the z direction and located

atx =x , y -- h, z =0 are

at y h, + h2 ,

k32n3 = k2rI2., (2.2)
0113z .T O2,1

jWC --- -a-= 0, (2.3)

C3I3y= C2 I2 , (2.4)
0113y 011y OI2, 11Z 13,

- - a-1, (2.5)ay ay 8z az

and at y = hl,

k '1 2z = kf1i z, (2.6)
./,, - jw, = -6(x- x,)6(bz), (2.7)

212'y = CIJN 11, (2.8)
a112y 011fly 0171, a02,,

= (2.9)O~y 19Y 9z 19z

When the dipole is oriented in x direction, the boundary conditions are

at y = h, + h2,

k3113a = k'1T , (2.10)

jW y3  - J2-- 0, (2.11)

C311 , = f 2l,, (2.12)

al,3 OalT OH a=T2- aH (2.13)01Y 0y 0Z Tx



and at y -h,
k211- k 21 1 , (2.14)

,,C2 -6 ,7jul,4-- = -6(x - x')6(Z), (2.15)

C21121, = C1fl, (2.16)

81121 8 111, 8 1 812,
9Y Dy 'Ox 0 (2.17)

where 11i = Hirj^ + Riv + Ili.!, H1, = HT + IR, and ki is equal to wfl;-'o.

By matching the boundary conditions that the tangential electric fields

are zero at x = 0, x = a, y = 0 and y = b, the two-dimensional Fourier transform

of the Hertz potential in each region can be defined as,

in region 3,

II~.(X, Y, Z) = o- AZ Asinh q3(b - y) sin anxeJ3*d3, (2.18)

(x, 3, z)-- 2 f- A. sinh q3(b - y) cos axe-ji#'dp, (2.19)

11(x : 1 IA' ,cosh q3(b - y) sin ciXe""#d#, (2.20)
3,X ,Z) =21ra _00-o

111(XIY, z) = - /jA' oshq(b - y) sin acxe-"i'd3, (2.21)

in region 2,

112(--,1 , (B, sinhq~ + C1 ccoshq~y)sina,,xe-j""d, (2.22)

112,(Z, Y, z) = -1 ' (B. sinhqy + C'. coshq 2y) cos anxe-j"d#, (2.23)

1,(,y,:) 0 _. (, sinh q~y + C, cosh qy) sin a,,xe"j"d3, (2.24)
MUO0 00

f1,*(Z, 3;: =, I" J (B sinh q~y + C. coshq2y) sin a.xe-j"d, (2.25)

6



and in region 1,

111 2 "- o /-oo Dz sinh qly sin anZJ2#zd3, (2.26)

JI:(XI Y1 Z) = _ L1 D_ sinh qy cos anxe-j fdl, (2.27)

1 00 :D oh 1~ i axizf
II .(x, y, z) = (2.28

f'(X, Y, z) = 2. 0 0 D, cosh q , sin anzejzd, (2.28)

2w~a =Yo J-oo
l7r _O,_oo / -D, cosh q, y sin an xe-j/3"d#, (2.29)

where q, = Val + 912- k? and an = 21. The coefficients A, A', B., B ..... D'

aredetermined by substituting Eqs. [2.18]-[2.29] into Eqs. [2.21-[2.17]. The results

are listed in Appendix A.

The lateral electromagnetic fields in region i are related to the Hertz po-

tential through

o .ai, @Hi +am2 . 2.0Eic = k? Ii, + ±( + +y + (2.30

08I, .11,, 011O'[:,,(.1
= k?.]2, + ±(!,-, + ,+ ) (2.31)

o a ,O, ay aZ
= kJI, + -(i + ........+!L), (2.32)

69zOx ay az

Hi,, = ffi LI"- - O (2.33)

: 8Z"8- O J) (2.34)

and

Z911., OIL,His jwc,@( -=. (2.35)

Taking the two-dimensional Fourier transform of the electric field compo-

nents in Eqs. [2.30]-[2.321, the spectral-domain dyadic Green's function at each

7



interface is then obtained as follows

kl.(y = hi) = G11. cos anXcos aX1 + Guzz cos anX sinax 1 , (2.36)

= hi) = 011zz sianz sin anX'i + 6 11 z sin anz cos anX1 , (2.37)

x(y = hi + h2) = G21 cos az cos ax'l + G2., cosaxsinanz'I, (2.38)

lz(y = hi + h2) = (%,,sin Sin n, + G21.zsinanX cos anX,. (2.39)

For a dipole oriented in the planar direction and located at x = x2, y =

h, + h2 and z = 0, the expressions for the dyadic Green's function are the same

except replacing ei, hl, x1 by C3, h3, X2, respectively. The expressions are

2,(y = h1) = 12.o + -i2 c COS sax sin '2, (2.40)

.E2,(y = hi) = d 12. sin anXsin anX2 + G12., sin aN cos aX2;, (2.41)

22.(y = h + h2) 0 2 , cosa aX cos aX' 2 + 02,,COSanXsin anX, (2.42)

2,y= h + 12) 6~22, Sin a~z sin aXz2 + 0 22, sin aNX cos anX2 . (2.43)

In Eqs. [2.36]-[2.43] the functions t, are defined as

Ef(:, y = yi, z) d# j &(a,/, z, )e #('-d/3 (2.44)2ira no-**o0

and the spectral-domain Green's functions diz; can be found in Appendix B.

2.2 Integral Equations for Calculating Propagation Constants

By superposition, the total electric fields due to the currents on the mi-

crostrips are

A(z,y,z) / -(, y1 z; ,z) .f(z',z')dz' dz, (2.45)

8



where the spatial domain dyadic Green's function is equivalent to

X si a I=-, sin a Ie-3#z-z)dp. (2.46)

1 (x', r .z') = (J1 .(z)a + s (z)Y))Cos (2.47)

and

i;(x' ,') = (J2t,(r') + J,,,(x') )CJi3' , (2.48)

respectively. With the boundary conditions that tangential electric fields are zero

on the strips, the integral equations can be obtained by substituting Eqs. [2.47],
[2.48] into Eqs. 2.45],[2.46]. For each (z, z) on the microstrips, these integral

equations ar

, ha, z) f Jig,(x') sin cz'd'

E~~~yfi-,z = --r' " .,/9, f J,.(z) )coscza'
E:8(x,y = hZ + h2, z) a J- f Ja,(z')sina (z'dz'EI(, y = hi h, z) f Jit.(z)csina,,'dx'

E2 4x, y =hi+ h2,) f Juz(x') cos atx' dx'

0 ,(2.49)
0

0
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where

G1lzzsil gX OjilzzsinornZ 0 12 z3 sintnX 0 12zwsin anx

O- = ixzc05 Gx GIz COS anX Gi2xxCOSanX (2.50)
G21 ., sin anx G21. sin aX 622zzsincnxX 0 22 sina (250

021x COS Q X G213, COS CNX G22zz COS ,YnX 0 22xx COS CnX

The method of moments can be used here to solve the integral equations

accurately for propagation constants O, and simultaneously obtain a good ap-

proximation of the actual current distributions. A proper choice[16] of expansion

functions to satisfy the asymptotic requirement of the current distribution near

the edge is
N,

Jit.(x) E AmJjt,(z ) m= 1,2,...,N (2.51)
inia

and
N.

, BmJ t(Z:) m= 1,2,. , N, (2.52)
minI

where

= (2.53)

J 'x~ = ,(2.54)
2

and z' = x -6,. 6, and to, are strip-offset and strip-width, respectively, associated

with microstrip i. The functions T. and Un are Chebyshev polynomials of the

first and second kinds, respectively. These expansion functions [2.53],[2.54] are

shown in Fig. 2.2. Following the Galerkin procedure applied in the spectral do-

main, electric fields in Eq. [2.49] are tested with the expansion functions J ,ej0#pz

and Je . This reaults in a set of linear equations. These linear equations, when

10
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expressed in matrix form, are

A]) Am 0, (2.55)

where
[AW,,, [ZI,j] [V1,.] [Z,,]

To)= [z21,] [Z21,.1 [Z22..] [Z22..1  (2.56)

[z21,.] [V2,14 [Z,2,.-] [V224

The matrix elements in each submatrix are in the general form of
00

Z,72 O(f) ' 1 t&2(C, (,)JIt~,4, (2.57)
n=-o0o

where J is defined as
= J~(x) sin an(z + 6i)dx, (2.58)

jin,= Jt(x )cosan(x + bi)d. (2.59)

With the Bessel function identities

II eizXT~
J=(z)j"f _dx (2.60)

and

(n + 1)j7r =J U()VT-X2eixdx, (2.61)

Eqs. [2.58],[2.59] can be further expressed in closed forms, which are

ji= COS 04i IM Ijm1 2 i( 1

+sin a16i R. c4MI m IW.)]2 (2.62)

and

j, I - M6 '-Jn( , i)2

- sina,6i Im [jI'lJ,,(.-i) 2] (2.63)
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In solving Eq. [2.551 to obtain the coefficients Am and B,., the determinant

should be set to zero for non-trivial solutions. Therefore, the matrix elements

[2.571 can be evaluated numerically for any 6 and the values which force the

determinant of Z to zero are the propagation constants. In other words, the

propagation constant jlp must satisfy the characteristic equation

det !(flp) = 0. (2.64)

2.3 Spectral Domain Calculation of Characteristic Impedance

Once the current distributions are obtained, the characteristic impedance

of three layer shielded microstrip lines can be calculated using the ratio of average

power to half of the square of the total longitudinal current[10]. The formula of

the characteristic impedance, for a single line, is

Z' = 2- , (2.65)12

while for symmetric coupled lines, is

zo= 1+12 P' (2.66)

The average power is the surface integral of the z component of the Poynting

vector

P, =!Re (E x H). dydz. (2.67)

It is noted that the axial currents of asymmetric coupled lines Ii and 1,2 are not

the same. Therefore, in order that the definition of characteristic impedance be

useful, the formula described in [11] can be used:

2P Re fo f(Ept x H.;) . dydx (2.68)

13



where Pt and Ip, are respectively the average partial power and axial current

associated with the microstrip i for the mode p. In the above, Ept is the total elec-

tric field and #,j is the magnetic field generated by the current on the microstrip

i. With similar approach in deriving Eq. [2.49], the transverse components of

electromagnetic fields in region i can be expressed as

f Jit(x') sin ax' dx'
E,(,,= 1_, ,, fJtjz(X')cos, X'dx' (2.69)

E~~(, ~i z)~eiaz ~ E.(a., 9p,, y) cos a,'X
a n=-oc f J t,(x') sin ax'dx'

f J2t.(x') cos a,'dx'

f Juts(V) sin nx' dx'

1 0 f JAf(x') cos ax'dx'
Ejy(x, y, z) - -e-"P 1 E,(a, P, y) sinanx (2.70)

a =- f J2t,(x') sin arux'dx'

f J2t.(x') cos ax dx'

f Ju,(x') sin ax'dx'

00X" f J11.(x') cos cr,,x' dx'Hiz(x, y, z) a .(an, Pp, sin x fJ(x' a2x'dx' .71)nuo f J2,,(x ) sina a xx

L J2t(X') coS anx'dx'

and

f J1g8(x') sin c~x'dx'

1 jf J.(x )osanax dx
Hj,(x, y, z)= a-e-"' H,(an, flP, y) coS anx ) (2.72)

o f Jt(x')sinaix'dx'
,.,.f Jatu(x COG anx d

where

U.=[,..', ,. . 1
EX t[lex A ti,5  & 'gg ~2xs Ba2  (2.73)

[E 1  Ej1yz P ivx 2 iX] (2.74)

14



H.= fllx. fiji:. fijzz Ai 2.. (2.75)

and

Hf= [ilf H,,ZH ltH2yz Hi21 ] (2.76)

Substituting Eqs. [2.69]-[2.721 into Eq. [2.67], one can proceed the integration

with respect to x to yield

f Jiut(z) sincX' dz

Pi. =0 Exr~ dy f Jut(X') coo crux' dx'
4 aZ o '~ IE f J2 t.( ') sinanx'dz'

f Jaf(x') cos anx'dx'

d f i Jz(zo) sin anx"dx
h H. f A tx(z' coo anz'dx°

x ;: dyc " , (2.77)
Hy fJt,(x') sin anx'dx'

f J2,(X') cos anx'dx' j

where Pi is the average power in region i. The integration over y can be also

solved in closed form and the results are shown in Appendix C.

The average partial power PPi can be calculated in a similar way by con-

sidering only Jt and Jit, in Eqs. [2.71],[2.721.

2.4 Numerical Results and Discussions

The shielded microstrip lines considered in this analysis are shown in

Figs. 2.3(a)-(d) where infinitesimally thin strips and the ground plane are as-

sumed to be perfect conductors. It is also assumed that the substrate material is

lossless. The propagation constant associated with these structures can be deter-

15
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mined by solving Eq. [2.64] and the approximated current distributions can be

obtained simultaneously. The longitudinal current distribution is normalized such

that it's integration over the entire strip-width is equal to unity. The transverse

current distribution is also normalized in relative magnitude compared to the

longitudinal current distribution. Once both current distributions are known, one

can solve the six field components, and therefore the characteristic impedance can

be computed through a power-current definition. The dispersion characteristics

for both single and coupled lines are evaluated numerically and their dependence

on dielectric constant, strip-width, strip-offset and frequency will be discussed in

this section.

Dispersion characteristics for the single-line configuration are shown in

Figs. 2.4-2.7. In Fig. 2.4, the dispersion characteristics are computed for various

dielectric constants. It is seen that the increase in permittivity increases the prop-

agation constant and decreases the characteristic impedance, regardless of which

layer the strip is located. Fig. 2.5 shows the variation of dispersion characteris-

tics with the strip-width. As the width increases, the transverse current density

also increases and the longitudinal current distribution becomes more oscilla-

tory. Both propagation constant and characteristic impedance drop significantly

as the width is close to the distance between two sidewalls. Fig. 2.6 shows the

dispersion characteristics as a function of the strip-offset. The transverse current

distribution increases asymmetrically with the increase of strip-offset 6. Both

propagation constant and characteristic impedance decrease with the increase of

strip-offset 6. Fig. 2.7 shows the frequency behavior of a single line. The be-

havior of the current distributions is similar to the dependence on strip-width

because the strip-width becomes electrically wider as the frequency increases.

Both propagation constant and characteristic impedance increase with frequency

17
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Fig. 2.4 Characteristics of a single line for the configuration of Fig. 2.3(b).
(a) Normalized propagation constant versus permittivity e.
(b) Characteristic impedance versus permittivity e.
Case 1: e2 = 2.2, el = C3 = e, Case 2: C2 = 10.2,6el = e3 = e,
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Fig. 2.5 Characteristics of a single line for the configuration of Fig. 2.3(a).
(a) Normalized propagation constant and characteristic impedance versus
strip-width. (b) Normalized longitudinal current density versus strip posi-
tion. (c) Relative transverse current density versus strip position.

10=O.2,h = 0. 0 2A, = 0.0, L = 2.0, 1 = 10.0
h

19



2.8 -50

2.7-- -- -- ------- --- --- ---- - - - - -4
Zc

/3C
2.6- 4

2.5- -35

0.0 0.01 0.02 0.03' 0.04 0.05 0.06 0.07 0.08
8X0

(a)
4 0.02'

8-0.00 - -0.0 -

8-0W..... 0.013,a-015 ---
3 Aa 0 .30a - - - -

bw-- - - - 8= 0.425su ----

2 8042ha ---- -001

.0 405 0.0 0. 1.0 - 0 .0 _.5 0.0 0.5 1.0
2x/w 2x/w
(b) (C)

Fig. 2.6 Characteristics of a single line for the configuration of Fig. 2.3(a).
sti(af.() Normalized lgaincogitudnald crentderistitympdc versuspo-
(ai-ff.() Normalized prpgtongiontadnand chratdeitcipec versuspo-
tion. (c) Relative transverse current density versus strip position.

e, 10.2, hi = .02A.,j 1.0, ~.=2.0, ~.=10.0

20



32- 160"I

NzSNxm4 - /
31" 140" Nz=5,Nx0 -------

Nz-1,Nx,} . ...

a 120'

.: 3.0/
!100-

.9 Nz-SNxo....

Nz-.Nx-0 --

i-Nt-1,NxO - - -- 60,

2.7 . . . . * 40"-
0.04 0. 0.16 0.22 0208 0.34'04 0.04 0.1 0.16 02 0.23 0.4 04

h/;Lo h

(a) (b)
4 0.15,

b/10 0.1o----- 0. b/10o .,2 .......

, , ,/M 0 .o24 - .- -.... ' " . A 0.24- - - -

b / a0.4----- % h/-  X 0.40

......... -
-0.05-

0 -0.154
.1.0 -0. 0.0 0. 1.0 . 1.0 -U 0.0 0.5 1.

2x/w 2x/w
(c) (d)
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(c) Normalized longitudinal current density versus strip position.
(d) Relative transverse current density versus strip position.
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in this case. The number of expansion functions used to calculate propagation

constant is much less sensitive than that used to calculate the characteristic

impedance.

Figs. 2.8-2.12 show the dispersion characteristics for coupled lines. In

Fig. 2.8, two-dominant modes, even-mode and odd-mode of symmetric coupled

lines are shown as a function of the strip-offset 6 and are compared with the results

of a single line in some special cases. The even-mode for 6 = 0 corresponds to

the dominant mode of a single line with the strip-width twice wide, while the

odd-mode corresponds to the dominant mode of a single line with an electric wall

at x = 9. The comparison shows good agreement. Fig. 2.9 shows the dispersion

characteristics of asymmetric coupled lines for two independent modes. Mode

1, which is similar to the odd mode of the symmetric coupled lines, has slower

phase velocity than mode 2 and it's effective dielectric constant is close to 2.2.

This indicates that the fields are confined in the middle layer. On the other hand,

mode 2, similar to the even-mode of symmetric coupled lines, has larger phase

velocity. This implies the fields around lines are less confined. Both modes are

not strongly dispersive. Fig. 2.10 shows the current distributions on each strip

for both modes.

The spectral-domain analysis provides unique features in calculating the

dispersion characteristics of shielded microstrip lines. However, care must be

taken on the choice of the basis functions for numerical convergence and efficiency.

The actual unknown current distributions can be approximated reasonably well

if a proper choice of expansion functions is made. Fig. 2.11 shows the comparison

with the theoretical results published by Krage and Haddad [13] for the symme-

tric coupled lines. Good agreement is found if the same number of the expansion
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Fig. 2.8 Characteristics of symmetric coupled lines. (Fig. 2.3(c))
(a) Normalized propagation constant versus strip-offset.
(b) Characteristic impedance versus strip-offset.
(c) Even-mode longitudinal current density versus strip position.
(d) Even-mode transverse current density versus strip position.
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Fig. 2.9 Characteristics of asymmetric coupled lina. (Fig. 2.3(d))
(a) Normalized propagation constant versus normalized frequency.
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Fig. 2.10 Current distributions of asymmetric coupled lines. (Fig. 2.3(d))
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Fig. 2.11 Characteristics of symmetric coupled Uina. (Fig. 2.3(c))
(a) Effective dielectric constant versus normalized frequency.
(b) Characteristic impedance versus normalized frequency.
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functions ( first four Legendre polynomials for expanding the longitudinal cur-

rent density and one sinusoidal function for expanding the transverse current

density) is used. By increasing the number to 8 for the longitudinal current

density and to 2 for the transverse current density, the curves are much close to

those using the expansion functions in Eqs. [2.53],[2.54] with only three expansion

functions for the longitudinal current density and two for the transverse current

density. The comparison between this analysis and the quasi-static results[12]

at low frequencies are shown in Table 2.1 for symmetric coupled lines with dif-

ferent strip-offsets. The comparison shows good agreement. Fig. 2.12 shows the

comparison for asymmetric coupled lines with the results published recently by

Carin and Webb[15]. The dyadic Green's function used in [15] doesn't consider

the fact that the tangential electric field on both sidewalls is zero and is treated

as a good approximation only when the distance between the two sidewalls is

large compared to the strip-width.
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Geometrical parameters: e, = 9.5, h = o.oo4AO, hs = 9h, w = h, 6 = o

6/h Vph vph Ref (12] Zc Zc Ref [12]

0.05 0.431 0.434 19.09 23.50
D

0.25 0.427 0.429 31.37 32.50

1.00 0.419 0.419 41.68 42.00

2.00 0.411 0.412 45.80 46.00

6/h vtp vh Ref (12] Zc Zc Ref (12]
E

0.05 0.383 0.384 65.64 65.60
V

0.25 0.381 0.383 61.89 62.00

1.00 0.380 0.382 54.67 55.00
N

2.00 0.384 0.386 50.99 51.00

Table. 2.1 Characteristics of two layer symmetric coupled lines in
comparison with the quasi-static results Ref [12].
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Chapter III

Full Wave Analysis of Shielded Microstrip

Line-To-Line Transitions

3.1 Green's Function Formulation and the Method of Moments

Several types of shielded line-to-line transitions as shown in Figs. 3.1-3.3

are investigated. The methodology applied here is in analogy to that reported

in [19],[20] by expanding the currents in the coupled line section with a com-

bination of entire domain and subdomain modes, however, the spectral-domain

Green's function and the numerical procedure are very much different. Since

the strip-offset and strip-width are comparable to the waveguide dimensions, the

transverse current component should not be neglected and a complete dyadic

Green's function for an enclosed multi-layer structure is required in the integral

equation formulation. The derivation of integral equations for overlay-coupled

lines is similar to that of Eq. [2.491 except the currents on strips should be

1(z', ,1z') = Ja,()(a,,(,") + al,(.))1

+ J1,X(:)(Ja13(z) + Jlg(Z,))i (3.1)

and

-42(z, ) = J2.,(x)(J21.(z ) + a2.(Z))'

+ AJ2 (x')(J,3 (z) + J21,v('))", (3.2)

where

J161 = (e-o" - re-j")U(-z'), (3.3)
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N

its 1 lIffl"(z (3.4)
n=1

, .(3.5)

MJiI, = EI; f(z'), (3.6)

J =* - (Te-jP2')U(z' + ovI), (3.7)
NJ2*1, =~ n Anx W.C), (3.8)

nt
J201 = Jv., (3.9)

M

J2* = E I2Vf(z'), (3.10)
m=i

and

U(x) = ;ifz>0 (3.11)
0 ; otherwise.

ovI is the overlap of the two microstrip lines. Superscripts e and s represent

the entire domain modes and the subdomain modes respectively. The transverse

dependence Jti and propagation constants &, are parameters with respect to

the entire domain modes of the microstrip i and can be obtained through the

analysis in Chapter II. The combination of a piecewise-sinusoidal(PWS) function

and a pulse function is used as subdomain mode and is defined from the end of

each line(shown in Fig. 3.4). These modes are

1 (=) = , .,, ;for !z - z.1 < d (.2

0 ; otherwise

and

l*; for I2 I < (3.13)
0 otherwise

where d is the half-ength of the PWS function and also the width of pulse func-

tion. zm is the center associated with each expansion function. The parameter

k~j can be chosen quite flexibly within 0 to fi. A nice feature of the combination
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of subdomain and entire domain modes is that when the method of moments

is applied, the quantities of interest, r and T, are directly obtained by matrix

inversion. Besides, the dimension of the impedance matrix is relatively small,

typically < 40. The integral equation using the above currents can be expressed

as

E,(x,y = hiz) + Jr,.)
E,,i(.,y = h,z) 1 MM ji. J 11, + J11IX)= -E e-° a,(ot,,# ,x) .dO

E2.(xy = hi + h2, z) 0 z ' -o 4,e1 (, + j2'I)

Ex(x,y = h, + h2 ,z) j,,.(je, + j2,)

0

0 = , (3.14)

0
0

where

Ji, = 10 Jj,(z') sin &,x'dz', (3.15)

Jitz = j Jt,(z') co ax'dx', (3.16)

j'ls = I' J,(z')e't'dz', (3.17)

ji', = ,( ) dz , (3.18)

and 3 is expressed in Eq. (2.50].

Using a Galerkin's procedure in the method of moments, the testing func-

tions chosen as Jtj,(x)fkj(z) are applied to the integral equations 3.14. The

x-directed currents of entire domain modes are neglected in comparison with the

z-directed currents of entire domain modes. This results in 2M+2N+2 linear
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equations with 2M+2N+2 unknowns. These linear equations, when expressed in

matrix form, are

[1.]
[ z,,..] [zn.] (z,.] [zlg.] 1 -r F[z .]1

] (3.19)
[z21..] [z2,'] [Z2U,.] [z12.] J [.] [z J(319

T

where each submatrix [ Z,,.. ], due to the presence of both x and z directed

currents, contains 4 submatrices as

[Z8,...] [Zij..I.1
[Z,.88 = 1 z,,..zI (3.20)

and submatrix [ Io. ] and [ Zj., ] (superscript p identifies the entire domain modes

ref, tra, and inc), contain two submatrices as

[l48] = ii [ l 1 l. (3.21)

and

[Z,°.] = [ [Zi:1] (3.22)[z-.]m
Each element in these submatrices represents the reaction of different basis func-

tions. For instance, the elements of [Zl2,J.] are the reaction between x-directed

currents of subdomain mode associated with microstrip 1 and z-directed currents

of subdomain mode associated with microstrip 2. The elements of [,416= j are

the reaction between x-directed currents of subdomain modes associated with

microstrip I and z-directed currents of reflected propagating mode. These sub-

domain modes are either PWS functions or pulse functions. The entire domain

modes are composed of the reflected mode, transmitted mode, and incident mode

which are distinguished by the abbreviation ref, ira, and inc, respectively. The
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computation of each element requires both infinite summation and integration in

the spectral domain and their expressions are in the general forms of

Z 4 , -- 00t, )iccnJt ( nf,(#)fj',(#)dj6 (3.23)
IJSt0 -00 =i~ %(ll 31fi (C(G1,j

T M
'2( I U12

and

Zijfip 3 1=0 dij ,6(C,,, P9) ji(an).lj,.tS,(I (O )dg, (3.24)

where l, and ijj are Fourier transform of the longitudinal dependence of the kth

subdomaon mode and entire domain mode p respectively. The spectral-domain

expressions of longitudinal dependence for both subdomain and entire domain

modes can be found in Appendix D.

The analysis for other line-to-line transitions are similar to that for overlay

coupled lines. For edge-coupled lines the y dependence of currents associated with

the parasitic coupled line should be the same as that associated with the feedline.

For coupled-to-single lines the entire domain modes in the feedlines should be

discussed separately due to the existence of two different modes(even-mode and

odd-mode).

3.2 Numerical Results and Discussions

Numerical results for line-to-line transitions including reflection and trans-

mission coefficients as a function of the overlap and line-offset are shown in

Figs. 3.5-3.12. It is found that the bandwidth, defined as the frequency range be-

tween two cut-off frequencies, is approximately . and the maximum coupling oc-

curs around ovl = ( with a wide frequency-insensitive range. This implies

that the transitions are broad-band and are very useful in many MMIC applica-

tions. These phenomena can be explained emperically by a quasi-static analysis

of symmetric coupled lines. For two coupled lines, the impedance matrix[21] is
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Fig. 3.5 Inl versus overlap for the configuration of Fig. 3.1

Fig. 3.6 ITI versus overlap for the configuration of Fig. 3.1
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Z = Z22---jj(ZM cot Oe + Z" cot O.) (3.25)

and

Z12 = Z21 = -j (ZMcsC5 8. - Z. csc 0), (3.26)

where

o v l (3.27)
Age

and
2 rdo = L-OVI. (3.28)

Z,, and Z,. represent respectively even-mode and odd-mode characteristic imped-

ance associated with the coupled line section. The scattering matrix can be

found from the impedance matrix. As a result the reflection and transmission

coefficients are obtained:

r Z + Z ) - Z1 (3.29)( Z 1, + z 2 '

( 2Z ...2  , (3.30)

where Z, is the characteristic impedance of feedine and the parasitic coupled line.

From Eq. [3.30], the cut-off condition occurs at Z12 = 0. That is

Z. = sin 0. (3.31)Z.. sinfo

For the general case Z, >> Z,, the solution is approxiinated to

OW - n = 0, 1, 2,3,. • (3.32)
2

Since the fields of the odd-mode associated with the coupled line section in an

overlay configuration are mostly confined in the niddle layer, the effective dilec-

tric constant of the odd-mode is approximately equal to the dielectric constant

of the middle layer. Therefore, the overlap for cut-off is about:

OV= (3.33)
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For edge coupled lines, the fields associated with odd-mode are spread in the two

dielectric layers. Therefore, the relative guided wavelength is approximately equal

to the mean value of the guided wavelength with respect to each dielectric layer.

Assuming these two dielectric layers with permittivity e,,, and ed respectively, the

overlap for transmission cut-off is about:

ovi = (3.34)

Figs. 3.5-3.8 show that the coupling efficiency is better in overlay line-

to-line transition than in edge coupled line-to-line transition. This indicates the

former constitutes a promising element in realization of millimeter wave high-pass

filter. Figs. 3.9-3.12 show the results for the case of an overlay coupled-to-single

microstrip transition. It is seen that the even-mode coupling depends less on the

strip-offset of parasitic coupled line, as compared with single-line coupling. It is

also noted that the even-mode of coupled lines can couple energy to a centered

parasitic microstrip line while the odd-mode can not. This may find applications

in a phase detector.

The frequency response of an overlay coupled muicrostrip transition is

shown in Figs. 3.13-3.14. The geometrical parameters are specially designed

in the coupled line section where the line-width is much larger than the spac-

ing between two lines. It is seen that, in a wide frequency range, the coupling

coefficients are almost independent of frequency. In addition, it is possible to

couple more than 95% of the total power through the discontinuity. This geom-

etry(so called suspended stripline) may be very useful due to these two excellent

characteristics.
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Fig. 3.14 Phase of I' and T versus frequency.
el = e3 = 1, e2 = 10.2, h, = h3 = 70mil, h2 = lOmil, w, = w2 = 50mil,
b, = 62 = 0, oul - 185mil, a = 500mil, (configuration Fig. 3.2)
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In the present computations of the above transition problems, entire do-

main mode s of 3 guided wavelengths long and 9-18 subdomain modes for both

pulse and piecewise sinusodial functions are used in each microstrip line. The

numerical results obtained are within 1% convergence accuracy. The power con-

servation is also checked in each case and will be discussed in next section.

3.3 Power Conservation Check

For shielded microstrip transitions, the convergence of the moment method

solutions is very sensitive to the type and number of expansion function chosen.

Power conservation provides a nice way of checking the accuracy of the solutions.

According to the configurations in Figs. 3.1-3.3, the incident power should be

equal to the summation of reflected power, transmitted power and some losses

coupled to the higher order modes and the multi-layered waveguide modes. These

higher order modes and multi-layered waveguide modes correspond respectively

to the zeros and poles of the characteristic equation 2.64[22]. Moreover, all of the

higher order modes and multi-layer waveguide modes have cut-off frequency while

the dominant mode is zero cut-off[23]. That is to say, by choosing the relatively

smaller waveguide dimensions or lower frequencies, one can allow only dominant

mode propagating in the shielded structure. In this analysis to characterize the

shielded line-to-line transitions, the waveguide dimensions are restricted to allow

only dominant mode for each line. Therefore, the relation of power conservation

for line-to-line transitions can be simply written as

Pit =Pre/ + Pro$ (3.35)

where Pi,., P,I and P,. represent incident, reflected and transmitted power,

respectively. With the reflection and transmission coefficients obtained by the

method of moments in Sec. 3.1 and the characteristic impedance obtained by the
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Poynting vector analysis in Sec. 2.3. The reflected power associated with the

feedline and transmitted power associated with the parasitic coupled line can be

normalized respectively-by the product of the characteristic impedance and the

square of the absolute value of the scattering coefficient for each line. Thus, the

relation of power conservation can be expressed in terms of scattering coefficients

and characteristic impedance as follows:

In2 + IT2 = 1,(3.36)

Zc1

where Z 1 and Zc2 are the characteristic impedance of the feedline and the para-

sitic coupled line, respectively. For coupled-to-single configuration, the relation is

slightly different due to different definition of characteristic impedance for sym-

metric coupled lines. The relation is

Irl2 + ZALITI2 1, (3.37)

where Zce and Z. are characteristic impedance of even-mode and odd-mode,

respectively.

The conservation check for Figs. 3.5-3.12 are shown in Table 3.1-3.4 re-

spectively. It is seen that the error in each case is within 1%. This confirms

the excellent accuracy of the numerical results of both the frequency-dependent

characteristic impedance and the moment method solutions.
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Microstrip 1

61 = 0.075a

Opi = 2.634

Z~j = 45.90

Microstrip 2

62 = 0.075a
13p2 = 2.634

Z,2 = 45.90

otl Irnl + ITI2  ol JI2 + ITI2

-0.05 1.000 0.13 1.000

-0.03 1.000 0.15 1.000

-0.01 1.000 0.17 1.000

0.01 i000 0.19 1.000

0.03 1.000 0.21 1.000

0.05 1.000 0.23 1.000

0.07 1.000 0.25 1.000

0.09 1.000 0.27 1.000

0.11 1.000 0.29 1.000

Table. 3.1 Power conservation check for the configuration of
Fig. 3.1. Both Irl and ITI are the same as those in Fig. 3.5
and Fig. 3.6.
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Microstrip 1

b1= 0.000

OpI = 1.946

Zei = 55.90

Microstrip 2

b2 = 0.000

13p2 = 1.907
Z,2 = 59.00

Ocv Irl2 + ZIT 2  VI Irl2 + Z IT2

-0.05 1.000 0.13 0.997

-0.03 1.000 0.15 0.999

-0.01 1.001 0.17 1.004

0.01 1.003 0.19 1.003

0.03 1.004 0.21 1.0

0.05 1.003 0.23 1.001

0.07 1.001 0.25 1.000

0.09 1.001 0.27 1.000

0.11 0.999 0.29 0.999

Table. 3.2 Power conservation check for the configurati on of
Fig. 3.2. Both Irl and ITI are the same as thos e in Fig. 3.7
and Fig. 3.8.

49



Microstrip la and lb

61 = 0.100a

/ap1 = 1.950
Z,1 = 63.80

Microstrip 2

62 = 0.000

fi2 = 2.072

Z,2 = 53.60

ovi irl - + _ ,1T12  6VI Irl2 + -z:.IT,2
0.ce 001.

-0.05 1.000 0.13 1.001

-0.03 1.000 0.17 1.002

-0.01 1.000 0.17 1.002

0.01 1.000 0.19 1.001

0.03 1.000 0.21 1.002

0.05 1.002 0.23 1.005

0.07 1.003 0.25 1.002

0.09 1.002 0.27 1.000

0.11 1.001 0.29 1.003

Table. 3.3 Power conservation check for the configuration of
Fig. 3.3. Both Irl and ITI are the same as those in Fig. 3.9
and Fig. 3.10.
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Microstrip la and lb

61 = 0.lOOa

ON = 2.291

ZCI = 45.30

Microstrip 2

62 = 0.lOOa
13p2 = 2.075

Zc2 = 53.60

ovi Ir 2 + 1T12  oVI jrJ2 + ZIT12
2Z,. 03.W

-0.05 1.000 0.13 1.005

-0.01 1.000 0.17 1.003

-0.01 1.000 0.19 1.001

0.01 1.000 0.19 1.000

0.05 1.000 0.21 1.000

0.05 1.000 0.23 1.000

0.07 1.000 0.25 1.002

0.09 1.001 0.27 1.0(5

0.11 1.003 0.29 1.007

Table. 3.4 Power conservation check for the configuration of
Fig. 3.3. Both Irl and ITI are the same as those in Fig. 3.11
and Fig. 3.12.
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Chapter IV

Conclusions

An efficient method has been presented in Chapter II for obtaining the

dispersion properties of three layer shielded microstrip lines. This method, which

is based on a hybrid mode analysis followed by the method of moments has

a number of unique features. Numerical results given include the propagation

constant, characteristic impedance, transverse dependence of longitudinal and

transverse current distributions for both single and coupled microstrip lines with

arbitrary strip-width and strip-offset. The dispersion characteristics and their

dependence on various geometrical parameters have also been presented. This

method is general and can be easily extended to the multiconductor case. The

choice of expansion functions is carefully made for improving numerical efficiency.

Good agreement is shown in comparison with other available data.

In Chapter III, a full-wave analysis is proposed to develop a generalized

dynamic model for several types of shielded microstrip line-to-line transitions.

The results obtained from the method of moments are checked by power conser-

vation with error within 1%. The results presented also show excellent properties

in some transitions and may find promising applications in MMIC coupler and

filter designs.
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Appendix A

The pertinent coefficients in Eqs. [2.18]-[42.29] are expressed as

-3W/k, sin a,' 1 6 A1
k2 Denl (V3hqh

-jPLC2!I-1)sinhqlhlsinhq2h2 f21

-jz wAi sinax (A.2)
k2  Devil Den2 I-/eQ.-1C3 sqh oh~h 2 A2

I+jfilQ- 1) cosh qh, fii

-jw0 sn ax; ... a.sinh q, hi cash q2(hi + h2) cash q3h3 \Bz= -J.--A, -si 5jn~jx( + kq2hq (A.3)

k.2 -jnl ( - sinh qlh 1 sinh q2(h1 + ha2) csh q3/13(A4

k~ Del '\sinhqhlcoehq2(hl +h 2)cshq3h3

k02 Denl + sinh qh csh q2  +h2 csh q3 3

B' - wM. in I -cohqlk1 sinhq2a1 cash q3h3  (A.5)
k.2 Deni Den2 -j#(3( - WL) fl

.cosh qsinh q2 (h, + h2) cosh q3h3

-jfl(e2 - l) f11

*coshqihj coshq:Qai + h2)sinhqs 3
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j#f~e 3) f21

sinhqlhl sinhq2h, cosh q3h3

+jg( f l) 121

-z jwpo sin a,x,' *coshqlhl cash q2h1 cash q3h3  (A.6)
k.2 Denl Den2 +jfl(f3 - I ") fll

*Coshq, cosh q2(Izl + h2) cosh q3h3

+j,~2- el) fii

*cosh q, hsinh q2 &1 + h 2) sinh qlh3

D, k Dnli (I9 q~ sn ~2  (A.7)
k.2 enl +!sinh q3h3 csh q2h2 J

~ sn at:1 j.2(sl - 1) sinh q3 h3 sinh q2h2 fl,
D' , Zjw'"' s'n al~xl(ji3(Le - 1) cash q3h3 1o 21 2A A8

k~~ Deni Den2(' - 1) cosh qsh3 cah ~~ i (S

-As p cakl I,:' (inh q, h ) (A.9)

-&a'e2(L -1) sinh qlhluinh q2h2 121

k2  Deni Den2 43'

~I+afte(let - 1) cosh qhi fl

B3~ ~ ~~~~I -jw.csGt (.sinh q, h cosh q2 (h, + h2) cosh q3h3 j (.)
k.2 Deni _ -sinh q, hisinh q2(h1 + h2 ) 3inh q3 h3 )

c -iwiCOB casx t(sinh q, hl sinh q2(h I + h2) cosh q3h3  (.2
*~~~ -kDni+sinh q, hcsh q2(h + h2) sinh q3h3 )



(-a 'Lf2- C3) f2l

* sinhqlh1 cash q2h, cosh q3h3

-a( "- fl) f21

B'~~ ~ ~ aa~ coshqlhl sinhq2h1 cash q3h3
- k2  Denl Den2 ~ -E)fi(.30 

-anC3 fi

- cosh q, sinh q2 (h, + h2) cash q3h3

-aU2(2- 4) fu

-cosh qh, cosh q2(h, + h2 ) sinh q3 h3

sinh qh, sinh q2h, cash q3hs

+a('- el) f21

- ~ cog *coshq, hi cosh q2h1 cosh q3hs A.4k2 Denl Den2 +a.(es31 fl

-cosh qcosh q2 (h1 + h2) cosh q3h3

+nle2- el) Al~

*cosh qh, sinh q2 (h1 + h2) sinh q3h3

jw/L~osG~l (~cosh q3 3 inh q2h2  ) (.5k.2 enl IL~nh q3h3 cash q2h2

an e2!l- 1) sinh q3 h3 sinh q2h2 fl,
D' -jwp, Cos OVIZ 1  Ot( 1) cosh qsh 3 fc 2h2l (.6

- k~ Den Den2 +aa(l - 1) cosh qsh 3cos 2 h2 fi (.6

where
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q, cash q11z cosh q2h2 sinh q3h3

Denl = c2 92fcsqh inqhcsqh (A.17)
+q3 sinhqlhl cash q2h2 cosh q3h3

+q2 sinh q1 A sinh q2h2 + sinh q3h3l

c3q, sinh q, h, cosh q2 h2 cosh q3h3

Den2 =+C 2usinhqlhl sinhq2h2 sinhq3h3

+1"2cosh q, h, sinh q2h2 cosh q3h3 (A )

\+lq3 cash qlhl1 cash q2h2 sinh q3h3

fu = sinhqlhi coshq2h2sinhq3h3 + !-sinhqili sinhq 2h2 coshq 3h3 (A.19)
q2

Pf22 = 1cash q1A1 sinh q2h2 sinh q3h3 +sinh qlAhcash q2A2 sinh q3113 (A.20)
q2

f1 sinh q, h sinh q3h3  (A.21)

f21 sinhqlh1 sinhq3h3 (A.22)
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Appendix B

The spectra1-domain.dyadic Green's function in Eqs. (2.36][2.43] is

GIzz= -jW., [L82+ f5 + fl (B.1)
k02,Denl fi + D<nl D en2(f1 4

G=, -L + Dn ( l fS + f2 f) (B.2)
k2 L enl Den Den2

k Denl 12+l Den 2
Ollzz " -Ollxx (B.4)

= 12 L Dn fl2 + Den (f2 + f22 ) (B.5)
k2  [ -a 2  aD fs + fn" 26) (B.6)

D (A2 f5 + f22 (B.7)

k.2 Den Defl2

G12a. = -O [il,2+ a 32 - + f 4) (B.7)

02en 2: ~~~2+ Den1 Den~2(f22" 13 + 112" f14)] B9
k2 Denl Denl Den2 *13+ 12 (B.10)

G22.= -G <228 B.8(
= -- " "D n l2  D n I •e2(2 f3 + f 12 ) I (B.11)

2(B.12)

G z = f32 +n U22 +(B.13)

G GZ 2(f2h+2A (B.14)
021:: = 1s (.3

G21se= G12xr (B.15)

Gm. Gi2z, (B.16)

where Denl, Den2, fh, f12, f21, f22 are listed in Appendix A, the functions f3, f4, s,



and f6 are expressed as follows:

13 = -c3q ( C - 1) sinhq 1h1 coshq2h2 coshq3h3

q2(!2 -2 1) cosh qilaisinh q2h2 cosh q3 h3  (B.17)
C2  C

= -e4q3(-2 - 1) cosh q, h, cosh q2li sinh q3 h3

-E 3 2C - 1) cosh q, hisinh q2h2 cosh q3 h3  (B.18)C2 C

A= -elq 3 (!2 - 1) cosh q, ihsinh q3z 3  (B.19)

fe -f 3 q(.- 1) sinh q, hicosh q3h3  (B.20)
C3
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Appendix C

The average power in each region is expressed as

4,1 £l I'l4f 1.. - Py fc](.1)

(E2S Hy,- E 2IBHAz.)f 2.e

= i~ +(A2xs4;1c - E02ysH 2,.)f280 (02
n=-oo +(2 ~,- 4V'2.f

P3 = O [-~fyU - t3VfI~zf3cc (0.3)
4a n=o

where

w1 = (k~ 2 _a2)D., + anqi (D' . + D)-j/aD (0.4)

Ey= (k, + ql)(Ds + Dz') -anqD, - jqi3D, (0.5)

flX= jwelq1D, - wepD.+ D,,) (0.6)

Hy= wcD,- jwfE~anD. (C.7)

= (2X a)B + anq2(C. , j~~3 (0.8)

= (k - Cf2)C, + afnq2(B, + B,) - jfcxCIX (0.9)

ti =(k 2 + q2 )(B' + B' ) - aqC-jqC,(0.10)

=C 2k ~( + Gx) - ct~q2B, - jq13B. (0.11)

142g. = jwC2q2C. - WcE2#(B, + Bx) (0.12)

12 = jWf 2 q2B. - WC2/3(C. + C.) (C.13)

120= We2/B, jWe2CinB. (0.14)
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4 2ye = WOO.3G - jw62a.G5  (0.15)

= = (k2 - a2)A,- aq"(A' + A') - j,8a,,A (C.16)

t'y= (k3 + q2)(A':+ A') + a,q3Ax + jq3,A. (C.17)

113, = -jwe 3q3A. - wc3,8( + A.) (C.18)

Hzv = wC/3Ax - jwe3a.A, (C.19)

and

fia. = Sgni[ hF +-Lsinh2qh, (C.20)

fle = [I+ -sinh2qh] (C.21)

f2s. = Sgni 4 2 + 4L(sinh2q2(h, + h2 )- sinh2q2h,) (0.22)

f2se = [L(cosh2q2(hi + h2) - cosh2q2h,)~ (C.23)

f2es = Sgni [-L(cosh 2q2(hi + h2) - cosh 2q2h,)] (0.24)

f~= [h+ 4 q2 (uinih 2 2(hi + h 2) - sinh 2q~,)j (0.25)

as. = Sgni 4 + Lsinh 2q3h3] (0.26)

f~cc = 43A+ 1 sinh 2qh 3] (0.27)

Sgnj is equal to 1 as qi is real and equal to -1 as q; is imaginary. The fanctions

A& D and At , Df can be found in Appendix A.
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Appendix D

The Fourier transform of longitudinal dependence of both subdomain

modes and entire domain modes are as follows:

j rM._ 2kei(cos keid - cosed) (D.1)
sin k,id( 2 - k, j  e

f =I - n.M- (D.2)

2

= ( ' + sin#I,izeJa'dz 
(D.3)

+IfA fi sin /3p2ze - "dz (D.4)

", -,p = J sin~ptzejPzdz (D.5)

where

oin #,jze:Fj"'dz-= + j " V(13 43) - 6(P T 13,)] (D.6)
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